
University of Calgary

PRISM Repository https://prism.ucalgary.ca

The Vault Open Theses and Dissertations

2015-02-02

Continuous-Mode Power Amplifiers for

Broadband Power-Efficient Wireless Applications

Rezaei Nazifi, Saeed

Rezaei Nazifi, S. (2015). Continuous-Mode Power Amplifiers for Broadband Power-Efficient

Wireless Applications (Doctoral thesis, University of Calgary, Calgary, Canada). Retrieved from

https://prism.ucalgary.ca. doi:10.11575/PRISM/25441

http://hdl.handle.net/11023/2056

Downloaded from PRISM Repository, University of Calgary



UNIVERSITY OF CALGARY

Continuous-Mode Power Amplifiers for

Broadband Power-Efficient Wireless Applications

by

Saeed Rezaei Nazifi

A THESIS

SUBMITTED TO THE FACULTY OF GRADUATE STUDIES

IN PARTIAL FULFILLMENT OF THE REQUIREMENTS FOR THE

DEGREE OF DOCTOR OF PHILOSOPHY

GRADUATE PROGRAM IN

DEPARTMENT OF ELECTRICAL AND COMPUTER ENGINEERING

CALGARY, ALBERTA

JANUARY, 2015

c© Saeed Rezaei Nazifi 2015



Abstract

Radio Frequency power amplifiers (PAs) are key elements in transmitters of wireless radios.

Their main task is to amplify the signal and generate the required output power that allows

transmission and radiation of the signal over the appropriate range. PA requirements mainly

consist of the absolute achievable output power in conjunction with the highest possible effi-

ciency and signal quality performances. Large bandwidths are also important requirements

for PAs in contemporary and future communication systems.

In this dissertation, a continuous-mode PA concept for achieving the best possible power

and efficiency across wide bandwidths is investigated and a thorough study is carried out

to assess the impact of practical device voltage limitations on the PA performance. A

comprehensive analysis of the extended continuous class-B (class-J) mode is carried out

and led to the development of a graphical tool, called ”linearity contour”, whose role is in

identifying the PA load impedance design spaces.

Taking advantage of the class-J PA and considering the impact of the output matching

network’s inductor loss, a methodology is proposed for the design of an integrated GaN

class-J PA. To improve further the PA bandwidth, an on-wafer loadpull setup is arranged

to measure the required load impedances. Measurement results of the PA show a 25%

bandwidth improvement in comparison with the conventional design approach. In addition,

a design methodology to present the required class-J impedances is proposed and verified by

designing a class-J PA with a die transistor.

The study of the continuous-mode PAs is extended to the class-C mode by proposing

a low- and a high-power continuous class-C mode and demonstrating experimentally their

RF performances for a set of load impedances across certain design spaces. Examples of

GaN MMIC PAs working in continuous class-C modes are provided to validate the proposed

concept.
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Finally, to improve the linearity of PAs that present dual inflection points in their

AM/AM characteristics, such as GaAs and GaN based amplifiers, an analog predistortion

linearizer is proposed. By adjusting three Schottky and PIN diodes bias voltages in the im-

plemented predistorter, the reverse AM/AM characteristic of a PA is synthesized and used

to linearize the PA.
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Chapter 1

Introduction

1.1 Power amplifiers and their roles in RF transmitters

RF power amplifiers are types of electronic amplifiers used to convert a low-power radio

frequency signal into its replica having significant power, placed typically upstream of the

radiating antenna of a transmitter to radiate the signal over the appropriate cover range.

They are used in every wireless device transmitter such as cellular phones, WiFi internet

access points in the airports and hotels, RADARs, base transceiver stations (BTS), etc.

Within wireless transceivers, RF PAs are the final components before the duplexer in

the signal transmitting path. Fig. 1.1 shows a simplified block diagram of a radio transmit-

ter employing a digital modulation. The baseband in-phase (I) and quadrature-phase (Q)

data components are modulated to generate an intermediate frequency (IF) signal, which is

amplified by a variable gain amplifier (VGA). The resulting signal is processed through a

band-pass-filter (BPF) and up-converted into an RF signal using a mixer and a local oscilla-

tor. The PA amplifies the modulated RF signal and increases the transmitted signal level at

the antenna such that it can be received by a remote receiver. The variable-gain amplifiers

control the signal level at the PA input by adjusting their gains. They ultimately control

the antenna power level.

Conceptually, the role of a PA seems to be quite simple, to amplify the input signal

and deliver it to the antenna. However, RF PAs are extremely critical components in radio

transmitters used in wireless communication systems as they impact significantly the sig-

nal quality at the final stage of the transmitter. The PA in an RF transmitter drives the

load (antenna) with highest possible energy to ensure the signal reaches its destination with

1



Figure 1.1: Block diagram of a typical wireless transmitter with a digital modulation scheme.

enough power so that it can be detected in the receiver. This must be accomplished with

minimum distortion to the transmitted RF signal to avoid spectral regrowth and interfer-

ence with other frequency channels occupied by signals from other network users. These

requirements impose high linearity specifications targeted by most wireless PA designers.

In addition to high linearity, PAs are also optimized to be energy-efficient to increase

the battery life in portable RF transceivers, such as cellular phones, and to relax the heat

dissipation requirements in equipment, such as BTS. RF power amplifiers typically dominate

and determine the power consumption characteristics of those devices and also of the whole

transmission system.

Therefore, a PA is a key block in terms of cost, linearity, efficiency and reliability in every

transmitter system. The required linearity level desired for a PA is highly dependent on its

application. Wireless standards, employing modulation schemes with constant-envelope RF

signals, such as GSM, use nonlinear PAs as the transmitted signals do not employ complex

modulation schemes and the information is in the phase of the signal. On the other hand,

modern modulation schemes for the third generation wireless networks and beyond, such as

WCDMA and LTE, result in non-constant-envelope RF signals in order to achieve higher

spectral efficiency. In these applications, information is transmitted in both the amplitude

2



and phase of the waveform and, thus, the linearity is the critical requirement for such RF

PAs employed.

Power amplifiers are divided into categories known as classes. An amplifier’s class is

a reflection of the design of its circuitry and depends on the quiescent current, relative to

the gate-source bias voltage. Fundamentally, an RF power amplifier can be operated with

high efficiency when the transistor is biased with a low quiescent current. This is the case in

class-B or ”deep” class-AB modes, where the depletion-mode transistor gate-source voltage is

biased on or slightly higher than the transistor pinch-off voltage, respectively. These modes

can provide quasi-linear amplification. On the other hand, linearity of a PA is typically

achieved by increasing its quiescent bias current. Class-A mode is one example of this case.

In this mode, the transistor gate-source voltage is biased at half of the pinch-off voltage,

causing to draw the bias current of Imax/2, where Imax is the transistor maximum achievable

current.

Switching-mode PAs are the most power-efficient amplifiers, which ideally operate the

transistor as a switch in two states: ON with high current and zero voltage or OFF with

zero current and high voltage. Consequently, the transistor power dissipation, which is the

product of its drain voltage and current waveforms, is theoretically equal to zero and the PA

efficiency is then 100%. To operate as a switch, proper load termination should be presented

to the transistor to shape the drain waveforms [1]. Different classes of switching-mode PAs,

such as class-D [2,3], class-E [4], class-F [5] and class-F−1 [6] are introduced in the literature.

However, because the transistor acts as a switch, these type of amplifiers are highly nonlinear

and must be employed in sophisticated transmitter architectures such as delta-sigma-based

transmitters, polar or envelope elimination and restoration (EE&R) and linear amplification

using nonlinear components (LINC) [7].

A common disadvantage of linear PAs such as class-A PAs, compared to their quasi-linear

and nonlinear counterparts, is in their substantially lower power efficiency. Since a PA is
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the component that consumes most of the power in a wireless transmitter, this low power

efficiency and, consequently high power consumption translate directly to high operating

expenses and to an unpleasant environmental impact due to excessive energy consumption

that impacts negatively the global warming phenomena. Both of these drawbacks cannot

be tolerated anymore. According to scientific research and practical experience with base

stations [8], a 45% increase in a PA efficiency over its current original efficiency would help

operators save up to 5700 kWh of electricity each year, which is equivalent to reducing the

carbon dioxide emissions of 1.7 tons of coal. Therefore, achieving the desired level of linearity,

while improving the efficiency of the RF PA remains a challenging edge in wireless research

to implement ”green” RF PAs.

1.2 Motivation and contributions

Increasing the modulation complexity in signals transmitted by modern communication

systems reduces the energy efficiency of the traditional transmitters due to increasing peak-

to-average power ratios. Thus, energy-efficient transmitters are required to increase the

battery lifetime in portable devices and reduce the environmental impact of the increasing

number of radio base stations needed for future multi-standard communications networks.

Unlike the second-generation communication systems employing GSM standards, where

nonlinear PAs are used, the spectrally-efficient digital modulation schemes such as CDMA,

require linear PAs to sustain the modulation accuracy without causing the spectral regrowth

and interfering with the adjacent channels.

Therefore, in modern and future communication systems, increasing demand for high

power efficiency and linearity coupled with greater data rates, to cover multiple standards

such as GSM, UMTS and LTE, provides important challenges in the field of transmitter

design, and its main component: the power amplifier.
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Harmonically-tuned or switching-mode power amplifiers are well-known approaches to

boost the power amplifier efficiency. With very promising results of power-added-efficiency

(PAE) above 70% for switching-mode class-F, class-F−1 and class-E PAs [9–11], a switching-

mode PA best performance is obtained by presenting short/open harmonic impedances,

usually at the expense of poor linearity and limited bandwidth (less than 10% fractional

bandwidth). Recently, a continuous-mode power amplifier concept [12] has been proposed

and applied to the traditional class-B PA and harmonically tuned class-F, class-F−1 and

class-E PAs [13–15, 17–19]. The concept shows the existence of a continuum of amplifier

modes with the same RF performance over a continuous range of fundamental and harmonic

impedances. Relative to the traditional class-B, class-F and class-F−1 modes, their continu-

ous operation modes offer a more flexible design methodology to obtain high output power,

efficiency and good linearity requirements over increased bandwidths.

The scope of this dissertation is to take advantages of the continuous class-B (class-J)

approach to design of broadband, linear and highly-efficient power amplifiers for the wireless

applications. The extended class-B/J and new continuous class-C concepts form the main

contributions of this dissertation, which can be summarized as follows:

• The thesis proposes a generalized class-B/J voltage expression that includes

the transistor dc and knee voltages, provides a comprehensive analysis of the

extended class-B/J and proposes the concept of ”linearity contour” to iden-

tify the ”safe” regions on the Smith chart for selection of the proper load

terminations to maintain the amplifier linearity condition.

• A design methodology for an integrated GaN MMIC class-J PA along with

an analytical study and quantitative analysis of the power-efficiency design

paradigm are proposed for the first time [48]. In this design, the losses in the

output matching network are accounted for to come up with an optimal design

for a given output power.
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• An on-wafer loadpull measurement setup is developed to measure the funda-

mental load impedances as functions of the second-harmonic load terminations

to form the class-J design space. Using the measured impedances, a hybrid

output matching network is designed and the power amplifier RF performance

is experimentally assessed.

• An output matching network design methodology for presenting the class-J

fundamental and second-harmonic load impedances is proposed and validated

with a design of a matching circuit for a class-J PA implemented with a com-

mercial GaN die transistor. Considering the impact of the intrinsic and pack-

age parasitic components on the class-B/J design spaces, a discrete PA with

the packaged transistor is designed and its RF performance is evaluated [55].

• The continuous-mode concept is extended, for the first time, to the design

of broadband power amplifiers biased below the pinch-off voltage in low- and

high-power modes, respectively [68]. The proposed theory is verified with a

GaN MMIC transistor in on-wafer loadpull measurements. The investigation

of the measurement results in these modes, validates the continuous-mode PA

expectations of achieving equal output power and drain efficiency across their

design spaces.

• An analog predistorter linearizer using anti-parallel Schottky and PIN diodes

is proposed to linearize power amplifiers with dual inflection points in their

distortion characteristics [77]. A design methodology is explained to synthesize

and achieve the desired conductance and the reversed PA amplitude distor-

tion characteristic. The predistorter is employed to linearize an S-band power

amplifier. The amplifier measurement results show the effectiveness of the

proposed technique, which improved the amplifier third-order intermodulation

distortion by 10 dB.
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Columbus, OH, USA, pp. 880–883, 4–7 August 2013.

C2: Saeed Rezaei, Mohammad S. Hashmi and Fadhel Ghannouchi, ”A System-

atic Methodology to Design Analog Predistortion Linearizer for Dual Inflec-

tion Power Amplifiers,” IEEE MTT-S International Microwave Symposium

(IMS2011), Baltimore, MD, USA, pp. 1–4, 5–10 June, 2011.
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1.3 Dissertation Organization

The dissertation is organized as follows: In Chapter 2, by introducing new intrinsic

voltage and current expressions, the concept of the continuous-mode power amplifiers is

presented. Translating the new expressions to the impedance domain, fundamental and har-

monic ”design spaces” for the continuous class-B (class-J), class-F and class-F−1 modes are

calculated and plotted on the Smith chart. Generalizing class-B/J voltage expressions, the

non-optimum fundamental and resistive second-harmonic impedances in the practical class-

B/J implementations are modeled and their impacts on the PA performance are investigated.

The ”linearity contour” concepts are presented to determine the ”safe” regions in the Smith

chart to select the proper load impedances, which guarantee the linearity requirement of the

power amplifier, when those impedances are presented to the intrinsic drain of the transistor.

In Chapter 3, two integrated 800 nm and 500 nm class-J GaN MMIC power amplifiers

are designed and their RF performances are experimentally assessed. The former is based on

presenting load impedances from the conventional class-J design spaces, whereas the latter is

designed to improve the PA bandwidth by measuring the accurate impedances through the

developed on-wafer loadpull setup and by designing the hybrid output matching network. A

general output matching network design methodology for class-J power amplifiers is proposed

and applied in a design of a class-J amplifier with a GaN die transistor. Finally, the impact

of the intrinsic and parasitic components of a packaged transistor on the class-B/J design

spaces and the PA performance is investigated.

Chapter 4 extends the concept of the continuous-mode power amplifier to the transistors

operating in the class-C mode. Using the well-extended class-J voltage expression, detailed

theoretical analyses for low- and high-power continuous class-C modes are presented. The

proposed concept is experimentally verified with an on-chip GaN MMIC transistor and the

developed on-wafer loadpull setup. The examples of the GaN MMIC PAs operating in

continuous class-C modes are provided to illustrate the performance of the power amplifiers
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across a wide bandwidth.

In Chapter 5, an analog predistortion linearizer with three degrees of freedom relying

on adjustment of the bias voltages of two anti-parallel Schottky diodes and one PIN diode

is proposed. The predistorter is designed to linearize a power amplifier with dual-inflection

points in its AM/AM characteristic. The mathematical calculations are provided to syn-

thesize the small-signal gain and a gain value relative to the ”inflection depth” point. An

example of linearizing an amplifier with the dual inflection point nonlineairty is provided

and the measurement results show the capability of the proposed architecture to linearize

the amplifier and improve the third-order inter-modulation distortion by 10 dB.

Finally, the summary of the contributions as well as the future works are concluded in

Chapter 6.

9



Chapter 2

Continuous-mode power amplifiers

2.1 Introduction

The ever-increasing demand for greater data rates along with the stringent spectral mask

requirements and the need for low power consumption provides severe challenges in the field

of PA design. Switch-mode power amplifiers have been shown to present high efficiency,

although usually at the expense of linearity and/or bandwidth. Recently, the continuous-

mode concept has been proposed and applied to the existing mature class-B, class-F and

class-F−1 operation modes. This new concept provides a solution for the adverse effects of

switch-mode amplifications by potentially exhibiting high efficiency, linearity and wideband

behavior simultaneously.

The continuous-mode concept develops the traditional narrowband harmonic shorting

approach associated with class-B mode by allowing complex fundamental and reactive ter-

minations at the harmonics. It provides a similar development to the narrowband harmonic-

controlling approaches associated with class-F and class-F−1. This permits a wide range

of solutions for a given set of harmonic terminations, which can be utilized to obtain high

efficiency across the band of interest.

This chapter starts with a brief review of the traditional class-B mode as the origin of

the continuous class-B (class-J) mode in Section 2.2. Then, the theory of class-J, continuous

class-F and class-F−1 modes are presented in the continuation of Section 2.2 and Section

2.3. In each mode, a new set of intrinsic voltage or current expressions is provided and their

translation into the impedance domain, known as ”design spaces” is graphically plotted on

the Smith chart. In the last section, a graphical power amplifier design tool, the ”linearity
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contour” is described. Using the well-established class-J voltage waveform formulation as a

starting point, a process is derived that allows fundamental and second-harmonic linearity

contours to be constructed on the Smith chart. Theoretical equations are presented and

solved, whereby the contours can be plotted through the developed MATLAB codes, provided

in Appendix A.

2.2 Continuous class-B (class-J) mode

As a class-J amplifier is initiated from the conventional class-B mode of operation, prior

to going through a class-J amplifier, a brief review of a harmonically tuned class-B amplifier

is conducted. This background information is used to derive similar theoretical equations

for a class-J amplifier.

2.2.1 Review of Class-B operation mode

In the class-B mode of operation, a power transistor conducts during 50% of the RF

cycle, which is described by its conduction angle θc=π. The intrinsic half-rectified sinusoidal

drain current waveform as a function of the angular phase can be expressed as:

I(θ) =
Imax
π

+
Imax

2
cos(θ) +

2Imax
3π

cos(2θ) + (−1)n/2−1

∞∑
n

2Imax
(n− 1)(n+ 1)

cos(nθ), (2.1)

where n=4, 6, 8, ... and Imax denotes the transistor maximum achievable drain current in

class-B mode. Ropt, the optimum load resistance presented to the transistor drain, is defined

as the ratio of the fundamental voltage to the current flowing to the load. The maximum

output power can be achieved when Ropt

Ropt |B=
V̄1

−Ī1

= −−(Vdc − VK)
Imax

2

=
2(Vdc − VK)

Imax
(2.2)

is presented to the transistor drain. In the above equation, V̄1 and Ī1 are the fundamental

voltage and current phasors, the negative sign for Ī1 is to represent the current flowing to
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Figure 2.1: Class-B mode intrinsic drain voltage and current waveforms normalized to Vdc
and Imax, respectively. For simplicity of illustration, VK=0.

the transistor drain and Vdc and VK are the dc supply and the transistor knee voltages,

respectively. With an appropriately designed optimum load network, only the fundamental

component of the drain current flows through the optimum load resistance. Thus, the class-B

mode intrinsic drain voltage is expressed as:

V (θ) |B= Vdc − I1(θ)Ropt = VK + (Vdc − VK)(1− cos(θ)), (2.3)

where I1(θ) from (2.1) equals to
Imax

2
cos(θ). The normalized intrinsic drain voltage and

current waveforms in class-B mode are shown in Fig. 2.1. The waveforms are normalized to

Vdc and Imax, respectively. For simplicity of illustration, the knee voltage is assumed to be

zero.

From Fig. 2.1, the overlapping voltage and current waveforms in the range of [0, θ0]

and [π + θ0, 2π], where θ0=π/2, dissipates power and reduces the class-B power amplifier

efficiency, for an ideal transistor with VK=0 V, to η |B∼= 78.5% [20]. The efficiency is defined

and calculated from the following expression:

η = 1− Pdiss
Pdc

= 1−
1
T

∫
V (θ) |B ·I(θ) dθ

Vdc · Idc
∼= 78.5%, (2.4)
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where Pdiss is the dissipated power in one cycle T due to overlapping voltage and current

waveforms and Pdc is the dc power in the waveforms.

For a class-B PA, the theoretical fundamental output power delivered to the optimum

load is derived as:

P1 |B= −1

2
Re[V̄1 · Ī1

∗
] = (Vdc − VK)Imax/4. (2.5)

As the higher-order voltage harmonics are assumed shorted to the ground, no power is

delivered to the load at the harmonics.

2.2.2 Class-J operation mode

In class-J operation mode, both intrinsic drain voltage and current waveforms are the-

oretically composed of even harmonic components and thus are half-sine waves. Moreover,

in contrast to the class-B mode, where real fundamental load and short-circuit harmonic

terminations are used, the class-J mode of operation is defined by an inductive/capacitive

fundamental and capacitive/inductive second-harmonic load terminations.

A class-J amplifier is biased as a conventional ”deep” class-AB mode that will be consid-

ered hereafter in our analytical developments as class-B mode. Thus, having the same drain

current expression as (2.1), a class-J PA demonstrates a very similar drain current waveform

to the current waveform of the class-B operation mode.

The class-J drain voltage is engineered to satisfy two conditions. First, as for class-B

or deep class-AB PAs, the drain voltage must be above knee voltage (for a real transistor

with VK 6= 0) and above zero (for an ideal transistor with VK=0 V) to maintain the linear

behavior of the amplifier. Second, no power must be delivered to the load at the harmonics.

An intrinsic drain voltage waveform, which satisfies these conditions, can be written as [12]:

V (θ) |J= Vdc − (Vdc − VK)[cos(θ)− sin(θ) + 0.5 sin(2θ)]. (2.6)
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Figure 2.2: Class-J intrinsic drain voltage waveform normalized to Vdc and current waveform
normalized to Imax. For simplicity of illustration, VK=0.

The maximum and minimum values of this voltage expression are calculated as:

Max(V (θ) |J) = 2.914Vdc − 1.914VK

Min(V (θ) |J) = VK .

(2.7)

The intrinsic class-J mode drain voltage and current waveforms normalized to Vdc and

Imax, respectively, are shown in Fig. 2.2. The reactive components in the fundamental

and second-harmonic manifest themselves as both a 45 ◦ shift between waveforms and as an

increase in the maximum drain voltage to nearly 3Vdc.

From Fig. 2.2, the overlap between the drain voltage and current waveforms over the

range of [0, 2π], where θ0=π/2, dissipates power and results in the same theoretical efficiency

and delivered power to the load at the fundamental as calculated for a class-B amplifier, i.e.,

η |J∼= 78.5% (using an ideal transistor with VK=0 V) and P1 |J=(Vdc-VK)Imax/4, respec-

tively. Class-J optimum load resistance is also similar to class-B, Ropt |J=2(Vdc-VK)/Imax.

In general, by rearranging (2.6), a set of intrinsic drain voltage expressions represents a fam-

ily of class-J drain voltage waveforms that meet the previously described voltage conditions:
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Figure 2.3: Continuum of theoretical voltage waveforms, from class-J through class-B to
class-J∗. Waveforms are normalized to Vdc and Imax. For simplicity of illustration, VK=0.

V (θ) |J= VK + (Vdc − VK)(1− cos(θ))(1 + α sin(θ)). (2.8)

The waveform set is plotted in Fig. 2.3, where α is a constant parameter bounded in the

range of [-1,1]. As can be seen, when α exceeds 1 the voltage waveform crosses zero. Thus,

the amplifier linearity condition is no longer satisfied. Using (2.1) and (2.8), the required

set of optimum intrinsic fundamental and second-harmonic loading impedances presented to

the transistor in a class-J PA, under the assumption of the maximum drain voltage swing

are extracted as follows:

ZF0 =
V̄

−Ī

∣∣∣∣
F0

=
(Vdc − VK)(1 + j α)

Imax/2
= Ropt + j αRopt, (2.9)

Z2H =
V̄

−Ī

∣∣∣∣
2H

=
−(VDC − VK)j α

2 (2Imax/3π)
= −j 3π

8
αRopt. (2.10)

The set of impedances given by (2.9) and (2.10) is located on the ”design spaces” illus-

trated on the Smith chart in Fig. 2.4, starting from the inductive class-J through class-B to
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Figure 2.4: Fundamental (solid line) and second-harmonic (dashed line) design spaces from
class-J through class-B to class-J∗.

the capacitive class-J (class-J∗). In this thesis, the term ”class-J” can be replaced by ”class-

B/J” as class-B PA fundamental optimum load is one of the impedances on the class-J PA

design space. All fundamental and second-harmonic impedances in Fig. 2.4 result in the

same output power, gain and efficiency. This family of impedances provides the flexibility

of choosing the design space amendable for a particular PA implementation.

2.3 Continuous class-F and class-F−1

Increasing amplifier efficiency at higher operating frequencies is one of the fundamental

requirements for power amplifiers used in microwave systems such as communication, radar

and power transmission. An amplifier operation at high efficiency is achieved by reducing

the power consumption in a transistor. For this purpose, various methods have been worked

out. One of the methods is based on the frequency-domain harmonic impedance control

approach. Class-F/class-F−1 [9–11] amplifiers are categorized in this approach.

The ideal class-F PA mode requires a half-rectified sinusoidal current waveform, the same

as in class-B and class-J modes and a squared voltage waveform containing only fundamental
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and odd harmonic components. For an RF amplifier, it is not practical to terminate an

infinite number of harmonics nor will they be present. In a practical class-F PA, harmonic

control is usually conducted up to the third order, as further harmonic control yields limited

efficiency improvement, but significantly increases implementation difficulty. Thus, a class-F

PA voltage expression with a finite number of harmonic terminations can be expressed as:

V (θ) |F= VK + (Vdc − VK)

[
1− 2√

3
cos(θ) +

1

3
√

3
cos(3θ)

]
. (2.11)

With this voltage expression and half-rectified sinusoidal current expression, the class-F

mode requires a short circuit termination at the second-harmonic and an open termination at

the third-harmonic. The voltage coefficients inside the bracket are determined to maximize

the efficiency [13]. The above equation is able to deliver a 90.7% efficiency, with VK=0 V,

at the maximum power level. The voltage and current waveforms of the standard class-F

mode are plotted in Fig. 2.5a.

On the other hand, the class-F−1 is the dual of the class-F mode. It exploits dual-

harmonic loading conditions with open circuit termination at the second-harmonic and short

circuit termination at the third-harmonic. This forms following half-rectified sinusoidal volt-

age and squared current expressions, respectively:

V (θ) |F−1= VK + (Vdc − VK)
[
1 +
√

2 cos(θ) + 0.5 cos(2θ)
]
, (2.12)

I(θ) |F−1= Imax · [idc − i1 cos(θ) + i3 cos(3θ)] , (2.13)

where in this case: idc=0.37, i1=0.43 and i3=0.06 [14]. These waveforms can also lead to a

theoretical 82.3% efficiency with VK=0 V. The voltage and current waveforms of the standard

class-F−1 mode are plotted in Fig. 2.5b.

Recent investigations into the continuous-mode PAs have demonstrated that the constant

open and short terminations, as in the standard class-F and class-F−1 modes, are not a
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(a)

(b)

Figure 2.5: Theoretical voltage and current waveforms. (a) continuous class-F for -1≤ α ≤1
(b) continuous F−1 for -1≤ α ≤1. Waveforms are normalized to Vdc and Imax. For simplicity
of illustration, VK=0.
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unique solution for achieving optimal efficiency and output power. For the continuous class-

F mode, the voltage waveform in (2.11) can be extended by multiplying (1+α sin(θ)) term,

given by [13]:

V (θ) |F= VK + (Vdc − VK)

[
1− 2√

3
cos(θ) +

1

3
√

3
cos(3θ)

] [
1 + α sin(θ)

]
. (2.14)

The [1 + α sin(θ)] term is included to introduce continuous-mode of operation to the

traditional voltage expression in (2.11). With this extra term, the amplifier linearity condi-

tion is satisfied and the harmonics consume no power. Also, it generates reactive harmonic

impedances, which introduce the harmonic design space concept. The case α=0 corresponds

to the standard class-F mode. The range of possible α values must result in an absolute pos-

itive value of the second bracket and thus the positive value of V (θ) |F in (2.14). Therefore,

α is bounded in the range of [-1,1], leading to a continuum of voltage waveforms, as shown

in Fig. 2.5a. The maximum and minimum drain voltage in the continuous class-F mode are

calculated as:

Max(V (θ) |CF ) = 3.374Vdc − 2.374VK ,

Min(V (θ) |CF ) = VK .

(2.15)

Similarly, the class-F−1 mode can also be extended to the continuous class-F−1 mode by

modifying the current expression as follows [15]:

I(θ) |F−1= Imax ·
[
idc − i1 cos(θ) + i3 cos(3θ)

]
[1 + α sin(θ)

]
. (2.16)

Successful operation of this mode requires a non-zero crossing of the current waveform,

indicating a possible range of α ∈[-1,1]. Thus, a new family of current waveforms is formed,

as plotted in Fig. 2.5b. A standard class-F−1 mode is formed when α=0.

These continuous-mode PAs can be realized over the target bandwidth by applying the

required harmonic impedances for the different α values. Table 2.1 shows the fundamen-

tal, second and third-harmonic impedances and admittances for the continuous class-F and
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Table 2.1: Fundamental, second and third-harmonic impedances/admittances presented to
a power transistor in the continuous class-F/continuous class-F−1 modes, respectively.

@ Fund. @ 2nd Harm. @ 3rd Harm.

Class-F impedance (Ω)
2√
3
Ropt + j αRopt −j α7

√
3π

24
Ropt ∞

Class-F−1 admittance (S)
√

2 i1Gopt + j α
√

2 idcGopt −j α 2(i1 + i3)Gopt ∞

(a) (b)

Figure 2.6: Examples of the fundamental (dot), second (square) and third (triangle) har-
monic design spaces in (a) continuous class-F mode in the impedance chart, (b) continuous
class-F−1 mode in the admittance chart.

class-F−1 modes, respectively. Ropt and Gopt are the optimum load resistance and conduc-

tance of the standard class-B mode. The calculated fundamental and harmonic loads of the

continuous class-F and class-F−1 modes are plotted in Figs. 2.6a and 2.6b, respectively.

A broadband PA designed to operate in a single continuous class-F or class-F−1 mode

faces two major challenges. First, it is difficult to fit the matching network’s impedance

response, in the band of frequencies, to the required trajectory of the amplifier loads for a

range of α. Second, it is practically very difficult to have the third-harmonic located at a

constant point as it is ideally desired, i.e., open circuit for the continuous class-F mode or
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short circuit for the continuous class-F−1 mode. On the other hand, it is noted from Figs.

2.6a and 2.6b that a combined utilization of these two continuous-mode PAs yields a further-

expanded design space that can be used to broaden the PA’s bandwidth. The combination

of these two modes acts as the mode transferring from the continuous class-F−1 mode to

the continuous class-F mode. Therefore, two considerably large bandwidths, corresponding

to the continuous class-F−1 mode and the continuous class-F mode, and finally a combined

significant broad bandwidth can be obtained, as presented in [16]. In addition, by properly

selecting the partial ranges of α, fitting the target loads to the frequency response of the

matching network may be simplified.

2.4 Extended class-B/J

This section presents an extension to the voltage formulation presented in [21, 22] that

helps the designer to understand the design trade-offs and practical limitations in real-

izing class-B/J power amplifiers. From the concept of class-B/J mode, the fundamental

impedances presented to the intrinsic drain of the transistor, must have a real value equal

to Ropt for the entire bandwidth that the power amplifier is designed to operate in. It is a

difficult task to design a broadband matching network presenting such impedances with con-

stant real part across a certain bandwidth [23]. Moreover, the output matching network must

present pure-imaginary second-harmonic impedances across the entire bandwidth. This can

be also rarely satisfied through the practical broadband matching networks. These two chal-

lenges necessitate to review the original voltage expression and generalize it by adding the

terms, which can model the non-optimum fundamental and also complex second-harmonic

impedances presented to a real transistor, including the knee voltage in the new voltage

formulation. This new formulation creates a set of solutions to respond to the aforemen-

tioned challenges in designing a real broadband power amplifier. Introducing the new voltage

expressions, for any given complex second-harmonic/fundamental impedances, the designer
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is able to find the fundamental/second-harmonic impedances from the boundary or inside

of computed and displayed contours generating linear voltage waveforms. These contours

are called ”fundamental linearity contour” and ”second-harmonic linearity contour”, respec-

tively. This graphical power amplifier tool broadens the designer’s insight to the power

amplifier RF performance when a broadband output matching network is designed to be

incorporated in a class B/J power amplifier. The equations for optimal generation of these

fundamental/second-harmonic impedances are also derived and discussed in this section.

2.4.1 Generalized PA waveforms

The generalized intrinsic drain voltage and current waveforms including the in-phase, Vr,

and quadrature, Vq, time-varying components are defined as:

V (θ) = V0 +
N∑
n=1

Vnr cos(nθ) + Vnq sin(nθ), (2.17)

and

I(θ) = I0 +
N∑
n=1

Inr cos(nθ) + Inq sin(nθ), (2.18)

where θ = ωt. The terms V0 and I0 represent the dc supply voltage and the dc current drawn

from the supply, respectively. For convenience, the coefficients in the above equations are

normalized to the dc terms:

vnr =
Vnr
V0

inr =
Inr
I0

, (2.19)

and

vnq =
Vnq
V0

inq =
Inq
I0

, (2.20)

thus, the drain efficiency can be defined by the normalized fundamental (n=1) voltage and

current coefficients as:

ηd =
Pout
P0

=
1
2
Re[V̄1 · Ī1

∗
]

V0 I0

=
v1r · i1r

2
. (2.21)
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Figure 2.7: Id - Vds characteristic for an ideal FET.

The current waveform from (2.18) is assumed to be half-rectified sinusoidal, which can

be obtained when the transistor is ideally biased in class-B gate-source voltage condition.

I(θ) =
Imax
π

+
Imax

2
cos(θ) +

2Imax
3π

cos(2θ)− 2Imax
15π

cos(4θ) + ..., (2.22)

where Imax is the transistor maximum achievable drain current in class-B mode. Thus, the

task is to find the proper voltage waveform with high v1r to maximize the fundamental

output power and drain efficiency.

The voltage waveform has two main limitations. First, from the practical point of view, it

must have low harmonic contents, so that the realized output matching network can control

the harmonic impedances. The higher-order harmonic impedances can be assumed as short

circuits due to the intrinsic drain-source capacitance of the power transistors, which can be

as large as a few pico farads, for instance about 2.5 pF for 10 W GaN power transistor [44].

Second, the voltage waveform must swing between the knee and breakdown regions to satisfy

the linearity condition of the power amplifier (Fig. 2.7).

The fundamental/second-harmonic linearity contour concept is to ensure that present-

ing the impedances, which cause the nonlinear voltage excursions into the knee region is
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prevented. Additionally, the peak value of the voltage waveform must be lower than the

device breakdown voltage. As will be explained in the next chapter, GaN technology with

high band-gap energy and breakdown field intensity is one of the best candidates among the

other device technologies to withstand the higher drain-source peak voltages such as in the

continuous-mode power amplifiers [24].

As earlier mentioned in this section and from Fig. 2.4, the fundamental impedances in

the class-B/J mode are restricted to have a real part equal to Ropt for the entire circuit

bandwidth. In addition, the second-harmonic impedances must have no real part and their

reactance values must comply with the traditional class-J impedance expression in (2.10).

Any deviation from those reactances produces a voltage waveform that attempts to cross

the knee voltage and thus violates the linearity constraint in the class-B/J mode. As shown

in [21] and more expanded in this thesis by considering the knee voltage for a real transistor,

the new generalized voltage expression (2.23) is suggested as a solution to the explained

impedance restrictions.

V (θ) = VK+(Vdc−VK)(1−cos(θ+δ))(1+β sin(θ+γ)) −1 ≤ β ≤ 1 , 0 ≤ δ, γ < 2π, (2.23)

where δ and γ are two phase shift operators. As will be shown later in this section, opera-

tors δ and γ contribute to generate complex fundamental and second-harmonic impedance

terminations.

Expanding, simplifying and normalizing (2.23) to its dc value results in:

v(θ) = 1 + v1r · cos(θ) + v1q · sin(θ) + v2r · cos(2θ) + v2q · sin(2θ), (2.24)

where

v1r =
(Vdc − VK)[β sin γ − cos δ]

Vdc − β(Vdc−VK)
2

sin(γ − δ)
, (2.25)

v1q =
(Vdc − VK)[β cos γ + sin δ]

Vdc − β(Vdc−VK)
2

sin(γ − δ)
, (2.26)
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v2r =
−β(Vdc−VK)

2
sin(γ + δ)

Vdc − β(Vdc−VK)
2

sin(γ − δ)
, (2.27)

v2q =
−β(Vdc−VK)

2
cos(γ + δ)

Vdc − β(Vdc−VK)
2

sin(γ − δ)
, (2.28)

where v1r and v2r are in-phase normalized fundamental and second-harmonic components

and v1q and v2q are quadrature time-varying components in (2.24). In this model, third and

higher harmonics are assumed to be short circuit, i.e vnr = vnq = 0 for n ≥ 3. Having three

degrees of freedom (β, δ and γ), it will be shown in the next two subsections that by fixing

v2r and v2q and solving the simultaneous equations, the formulation yields a linear set of

solutions versus the third degree of freedom. This will result in values of the fundamental

voltage components v1r and v1q, which are defined as the ”fundamental linearity contour”.

Similarly, by fixing v1r and v1q and solving the simultaneous equations, it will result in values

of the second-harmonic voltage components v2r and v2q, defined as the ”second-harmonic

linearity contour”.

The linearity contours identify the safe regions on the Smith chart for the fundamental

and the second harmonic imepdances that can be presented to the intrinsic drain of the

transistor. This will help the designer to predict the linearity performance of the amplifier

and the design trade-offs prior to the realization.

2.4.2 Fundamental linearity contour

Rearranging (2.27) and (2.28) with respect to β results in:

β =
−2 v2r Vdc

(Vdc − VK)[sin(δ + γ) + v2r sin(δ − γ)]
, (2.29)

β =
−2 v2q Vdc

(Vdc − VK)[cos(δ + γ) + v2q sin(δ − γ)]
. (2.30)
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Subtracting (2.29) from (2.30) eliminates the β term:

−2 v2r

sin(δ + γ) + v2r sin(δ − γ)
=

−2 v2q

cos(δ + γ) + v2q sin(δ − γ)
. (2.31)

Performing some mathematical calculations on (2.31) yields a tangential function of γ

tan γ = −v2q sin δ − v2r cos δ

v2q cos δ + v2r sin δ
(2.32)

in terms of δ. δ is the variable to be swept to draw the fundamental linearity contour. v2r

and v2q are fixed and known quantities that fundamental linearity contour is plotted when

those quantities are given.

In summary, starting from a given [v2r, v2q] and sweeping 0 ≤ δ ≤ 2π, (2.32) is solved to

find corresponding values of γ. (2.29) or (2.30) is used to find values of variable β, which are

bounded between [−1, 1]. Finally, normalized values of v1r and v1q are obtained from (2.25)

and (2.26). Translating to the impedance domain, the fundamental impedance values are

calculated from:

Zf0 = − V̄1

Ī1

= −V0 · (v1r − j v1q)
Imax

2

= − 2V0

Imax
· (v1r − j v1q), (2.33)

where V̄1 and Ī1 are the phasors of the fundamental voltage and current components obtained

from (2.17) and (2.18), respectively. These impedances can be plotted on the Smith chart.

Inside the boundary, the generated voltage waveform stays above VK (linear region); outside,

the voltage waveform tends to cross the knee voltage, causing the nonlinear current waveform

and resulting in poor linearity (nonlinear region); on the boundary, the voltage waveform

will graze VK (linearity contour). The nearest impedance point on the boundary to the

fundamental design space corresponds to a voltage waveform with the highest value of v1r.

In practice, of course, if this point sits on the fundamental design space, the maximum

allowable efficiency and output power can be achieved.

A MATLAB code that generates the fundamental linearity contour is provided in Ap-

pendix A.1. Following the procedure described in this appendix, normalizing the given
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second-harmonic impedance and entering v2r and v2q as the input data, one can plot the

linearity contour along with the traditional fundamental and second-harmonic design spaces

on the Smith chart.

To clarify the above formulation and the fundamental linearity contour concept, we used a

transistor intrinsic nonlinear model to simulate its behavior and obtain the RF characteristics

when different fundamental and second-harmonic impedances from the linear and nonlinear

regions are presented to the transistor. The simulation setup is developed in Agilent’s ADS.

The transistor is assumed to have the maximum current Imax=1.824 A and knee voltage

VK=5.2 V. The transistor is biased in class-B mode and the drain bias voltage is 28 V.

These values result in the optimum load resistance Ropt=25 Ω. The model has no parasitic

components and thus, the simulated voltage and current waveforms are considered as the

intrinsic waveforms at the device current-source plane. We study two fundamental linearity

contour cases: Case 1, with a given pure-imaginary second-harmonic impedance and Case 2,

with a given complex second-harmonic impedance. In each case, the linearity contour along

with the voltage and current waveforms is plotted and the power amplifier RF characteristics

are presented.

Case 1: Pure-imaginary second-harmonic impedance

Assume that the second-harmonic impedance is given as Z2H=0 - j29.45 Ω. This is, in

fact, the lowest extreme impedance point on the traditional second-harmonic design space,

when Ropt=25 Ω. From Appendix A.1, the normalized second-harmonic values of v2r and v2q

are obtained: v2r=0 and v2q=-0.4071, respectively. Running the MATLAB code, the funda-

mental linearity contour along with the fundamental and second-harmonic design spaces is

plotted in Fig. 2.8.

The shaded area shows the linear region, where the voltage waveforms stay above the

knee voltage. The non-shaded portion indicates the nonlinear region, where the voltage
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Figure 2.8: Class-B/J fundamental linearity contour (dashed line) indicating fundamental
loads for Vmin=VK condition, shaded ”linear region” and non-shaded ”nonlinear region”. The
graph is obtained for a fixed pure-imaginary second-harmonic Z2H=0 - j29.45 Ω. Traditional
fundamental and second-harmonic design spaces are also illustrated by solid and squared
lines, respectively. Ropt=25 Ω.

waveforms cross the knee voltage, causing nonlinearity. This region provides a design guide

as to the load conditions that should be avoided in the circuit design process. The dotted

line, which specifies the linear region, is the fundamental linearity contour. This contour in

effect shows the impedance conditions for which the voltage waveforms grazes VK . However,

the choice of fundamental impedance also determines the final output power and efficiency.

As previously discussed, the nearest impedance point on the linearity contour to the

fundamental design space obtains the highest value of v1r. In this case, the point B from the

linearity contour sits on the fundamental design space, i.e. ZF0 |B=25 + j25 Ω. Thus, the

linearity, maximum efficiency and output power can be achieved if this point is presented to

the intrinsic drain of the transistor.

Presenting the impedance ZF0 |B to the transistor current-source, the simulated intrinsic

voltage and current waveforms are shown by solid lines in Fig. 2.9. For the simulation,
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Figure 2.9: Simulated class-B/J mode intrinsic voltage and current waveforms corresponding
to: point A from the nonlinear region on the Smith chart (solid lines with circle symbols),
point B on the fundamental design space and also linearity contour (solid lines) and point
C from the linear region on the Smith chart (solid lines with cross symbols). All the voltage
waveforms are obtained for fixed second-harmonic impedance Z2H=0 - j29.45 Ω.

Z2H=0 - j29.45 Ω and Z3H is shorted. As can be seen, the voltage waveform grazes the knee

voltage of 5.2 V and reaches the maximum of 72 V. This peak voltage can also be confirmed

with the equation (2.7). The current waveform is half-rectified sinusoidal, as expected for

the class-B operation mode. The power amplifier results in 64.7% efficiency and 39.8 dBm

output power, when the amplifier is stimulated by a CW input signal of 23.5 dBm.

To investigate the power amplifier voltage and current waveforms and the RF perfor-

mance when fundamental impedances from the linear and nonlinear regions are presented,

two more points on the Smith chart are selected in Fig. 2.8. Point A from the nonlin-

ear region, ZF0 |A=30 + j30 Ω, and point C from the linear region, ZF0 |C=19 + j19 Ω,

are selected. Similarly, for these two fundamental impedance points, the second and third-

harmonic impedances are fixed at Z2H=0 - j29.45 Ω and Z3H=0 Ω, respectively.

As can be seen from Fig. 2.9, by presenting the impedance point A from the nonlinear

region to the transistor, the voltage waveform (solid line with circle symbols) crosses the
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Table 2.2: Simulated class-B/J power amplifier RF performance
for points A, B and C with fixed harmonic impedances Z2H=0 -

j29.45 Ω and Z3H=0 Ω.

Point A Point B Point C

Vmin (V) 3.6 5.2 10

Efficiency (%) 69.75 64.7 50

Output power (dBm) 39.8 39.8 38.6

knee voltage and causes nonlinearity in the current and voltage waveforms. The minimum

and maximum voltages are 3.6 V and 75.1 V, respectively. The maximum current drops

from 1.82 A (for point B) to 1.65 A. The output power remains at about 39.8 dBm, however

the efficiency increases to 69.75% as the dc term of the new current waveform is reduced

with respect to point B.

For impedance point C, selected from the linear region, the voltage waveform (solid line

with cross symbols) remains above the knee voltage during a full cycle. The voltage waveform

swings between 10 V and 64.3 V. Similar to the impedance point B, the obtained current

waveform is a half-rectified sinusoidal wave with almost equal magnitude. The efficiency and

the output power for this point are the lowest among the previously selected points. The

power amplifier simulation shows 50% efficiency, whereas the output power reduces to 38.6

dBm, which presents a 1.2 dB power reduction with respect to the point B.

Table 2.2 summarizes the simulated power amplifier RF performance when the funda-

mental impedance points A, B and C are presented to the intrinsic drain of the transistor.

Case 2: Complex second-harmonic impedance

Now, it is assumed that with the optimum load resistance Ropt=25 Ω, the given second-

harmonic impedance is not on the edge of the Smith chart, but it is a complex impedance
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Figure 2.10: Class-B/J mode fundamental linearity contours for pure-imaginary (thin dotted
line) and complex second-harmonic impedance (think dashed line). The new linearity contour
is obtained for fixed complex second-harmonic impedance Z2H=7.2 - j29.45 Ω.

Z2H=7.2 - j29.45 Ω. From Appendix A.1, the normalized second-harmonic variables v2r

and v2q are obtained as -0.1 and -0.4071, respectively. v2r is negative to select a resistive

second-harmonic impedance from inside of the Smith chart. Running the MATLAB code

with the new second-harmonic voltage variables, the fundamental linearity contour along

with the fundamental and second-harmonic design spaces are plotted in Fig. 2.10. The

linearity contour shown in Fig. 2.8, is re-plotted to compare with the new contour obtained

in this case. Moving the second-harmonic impedance from Z2H=0 - j29.45 Ω in Case 1 to

Z2H=7.2 - j29.45 Ω in Case 2, shifts the nearest impedance point to the design space, from

ZF0 |B=25 + j25 Ω in Case 1 to ZF0 |B′=19.4 + j22.7 Ω in Case 2. There is no impedance

point on the new linearity contour to sit on the traditional fundamental design space. Thus,

we expect to obtain lower efficiency and output power when impedance point B′ is presented

to the intrinsic drain of the transistor.

The power amplifier is simulated with the new fundamental and second-harmonic imped-

31



Figure 2.11: Simulated class-B/J mode intrinsic voltage and current waveforms correspond-
ing to: impedance point B in Case 1 (solid lines) for Z2H |B=0 - j29.45 Ω and impedance
point B′ in Case 2 (dashed line) for Z2H |B′=7.2 - j29.45 Ω.

ances for the intrinsic voltage and current waveforms. The new waveforms are shown by the

dashed lines in Fig. 2.11. As expected from the linearity contour theory, the new voltage

waveform grazes the knee voltage, similar to the simulated waveform corresponding to point

B in Case 1. For the sake of comparison, the waveforms corresponding to point B in Case

1 are also plotted in Fig. 2.11. As point B′ is not on the fundamental design space, its

maximum voltage value dropped to 67.5 V. The power amplifier simulation in this case,

results in 50.5% efficiency and 38.65 dBm output power.

In summary, moving the second-harmonic from Z2H=0 - j29.45 Ω to Z2H=7.2 - j29.45

Ω, shifts the linear region as well as the fundamental linearity contour to the left side of

the fundamental design space. This will reduce the efficiency and output power for the

impedances presented from the new linearity contour. For instance, in the above example, the

efficiency value dropped by 14.2% and the output power reduced by 1.15 dB for impedance

point B′ with respect to point B. However, in both cases, the voltage waveforms never cross

the knee voltage and the linearity condition is fully satisfied.
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2.4.3 Second-harmonic linearity contour

If we consider the equations for v1r and v1q in (2.25) and (2.26), rearranging both with

respect to β results in:

β =
2 v1r Vdc + 2 (Vdc − VK) cos δ

(Vdc − VK)[2 sin γ − v1r sin(δ − γ)]
, (2.34)

β =
2 v1q Vdc − 2 (Vdc − VK) sin δ

(Vdc − VK)[2 cos γ − v1q sin(δ − γ)]
. (2.35)

Subtracting (2.34) from (2.35) eliminates the β term:

2 v1r Vdc + 2 (Vdc − VK) cos δ

2 sin γ − v1r sin(δ − γ)
=

2 v1q Vdc − 2 (Vdc − VK) sin δ

2 cos γ − v1q sin(δ − γ)
. (2.36)

Performing some mathematical calculations on (2.36) yields a tangential function of γ

tan γ = −v1r(Vdc + VK) + (Vdc − VK)[v1r cos2 δ + 2 cos δ − v1q cos δ sin δ]

−2 v1qVdc + (Vdc − VK)[2 sin δ + v1r sin δ cos δ + v1q cos2 δ]
, (2.37)

in terms of δ. Similar to the fundamental linearity contour, here, δ is also the variable to be

swept to draw the second-harmonic linearity contour. The second-harmonic linearity contour

is plotted for the fixed and known v1r and v1q quantities.

In summary, starting from a given [v1r, v1q] and sweeping 0 ≤ δ ≤ 2π, (2.37) is solved to

find corresponding values of γ. (2.34) or (2.35) is used to find values of variable β, which are

bounded between [−1, 1]. Finally, normalized values of v2r and v2q are obtained from (2.27)

and (2.28). Translating to the impedance domain, the second-harmonic impedance values

are calculated from:

Z2H = − V̄2

Ī2

= −V0 · (v2r − jv2q)
2Imax

3π

= − 3π V0

2Imax
· (v2r − jv2q), (2.38)

where V̄2 and Ī2 are the phasors of the second-harmonic voltage and current components ob-

tained from (2.17) and (2.18), respectively. These impedances can be plotted on the Smith
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chart. Similar to the fundamental linearity contour, inside of the second-harmonic linearity

contour, the generated voltage waveforms never reach the knee voltage (linear region); out-

side, the waveforms tend to cross the knee voltage, causing the nonlinear current waveform

and resulting in poor linearity (nonlinear region); on the boundary, voltage waveforms will

graze VK (linearity contour).

A MATLAB code to generate the second-harmonic linearity contour is provided in Ap-

pendix A.2. Following the procedure described in this appendix, normalizing the given fun-

damental impedance to find v1r and v1q, one can plot the contour along with the traditional

fundamental and second-harmonic design spaces on the Smith chart.

It is worth studying the second-harmonic linearity contour for two cases, Case 1, with a

given fundamental impedance selected from the fundamental design space (Re(ZF0)=Ropt)

and Case 2, with a given fundamental impedance when Re(ZF0) < Ropt. Note that in the

following subsections v1r is a negative value, so that it can be translated to a fundamental

impedance realizable with a passive matching circuit.

Case 1: Second-harmonic linearity contour with Re(ZF0)=Ropt

Fig. 2.12 shows the second-harmonic linearity contours predicting the traditional class-J

design space. The contours are computed for the fundamental impedances from the design

space with Re(ZF0)=Ropt=25 Ω and reactances varying from 22.5 Ω (for point A) to 12.5 Ω

(for point C). For each fundamental impedance point, the corresponding second-harmonic

linearity contour predicts the single valid passive Z2H as given by the traditional class-J

equation (2.10). Interestingly, there exists a space outside of the Smith chart that is linear

region. This design space has typically been rejected because it is not realizable with passive

matching networks but can be exploited with active matching circuits.
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Figure 2.12: Class-B/J mode second-harmonic linearity contours corresponding to the se-
lected fundamental impedance points from the fundamental design space.

Case 2: Second-harmonic linearity contour with Re(ZF0)<Ropt

The key strength of the second-harmonic linearity contours, however, is the ability to

predict the linear region, while a fundamental impedance with Re(ZF0) < Ropt is presented

to the transistor.

Fig. 2.13 shows the entirely new design spaces enabled by the second-harmonic linearity

contour formulation. By trading-off only 0.7 dB of the output power (ratio of Re(ZF0 |C)

to Ropt), the singular second-harmonic traditional class-J design point turns to a new space

allowing a maximum variation of 15 Ω in the reactance and 7.5 Ω in the real part to realize

the second-harmonic impedance for a fundamental impedance variation from point A to C.

This is an important result in designing power amplifier circuits, especially broadband

power amplifiers, as the fundamental impedances rarely have a real value equal to Ropt for

the entire circuit bandwidth. The theory shows that the fundamental impedance mismatch
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Figure 2.13: Class-B/J mode second-harmonic linearity contours: solid contour with Re(ZF0)
=23.75 Ω, dashed contour with Re(ZF0)=22.5 Ω and dotted contour with Re(ZF0)=21.25
Ω. For all three contours, Im(ZF0)=22.5 Ω.

from Ropt, can introduce a new ”safe” region rather than a point for the second-harmonic

impedances to maintain the voltage waveform above the knee voltage. By trading-off an

acceptable amount of the output power and hence efficiency, the maximum linearity can

be satisfied by a relax selection of a second-harmonic impedance from a new design space

inside of the Smith chart. The opposite is true if the maximum output power and efficiency,

but limited linearity are required. In this case, the minor violations of the second-harmonic

linearity contours can be of secondary importance to achieving an optimum fundamental

impedance match.

It is also important for a PA designer to know which impedance point from the boundary

or inside of the second-harmonic linearity contour must be selected if the maximum efficiency

and simultaneously linearity are of primary concerns for the PA application. We investigate

the impacts of presenting different second-harmonic impedances, selected from the boundary
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Figure 2.14: Class-B/J mode second-harmonic linearity contour, corresponding to the fun-
damental impedance point C. Three impedance points I, II and III are selected to investigate
the impact of the harmonic impedance selection on the power amplifier performance in the
simulation.

and inside of the linearity contour, on the power amplifier performance to find the proper

second-harmonic impedances that can achieve the maximum efficiency and linearity. For

this purpose, we choose three different impedance points I or II or III from Fig. 2.14. In

this figure, the linearity contour is plotted for the fundamental impedance point C from Fig.

2.13. Every time, by presenting fundamental impedance point C and one of the second-

harmonic impedances I, II and III to the nonlinear transistor model, the same as employed

in the fundamental linearity contour simulations, power amplifier intrinsic drain waveforms

and the RF performance are simulated.

Fig. 2.15 shows the simulated intrinsic current and voltage waveforms. As seen from this

figure, the voltage waveforms corresponding to fundamental and second-harmonic impedance

points (C,I) and (C, II) graze the knee voltage and never cross it in the RF cycle. For the
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Figure 2.15: Simulated class-B/J mode intrinsic current and voltage waveforms by presenting
fundamental/second-harmonic impedances: (C/I - circled line), (C/II - solid line) and (C/III
- dotted line).

second-harmonic impedance III from the inside of the linearity contour, the voltage waveform

remains above the knee voltage, as expected from the second-harmonic linearity contour

theory. In all three cases, the current is a half-rectified sinusoidal waveform as the transistor

is biased in the class-B operation mode.

Table 2.3 summarizes the simulated power amplifier RF performance when the funda-

mental impedance point C with one of the second-harmonic impedances I or II or III are

presented to the intrinsic drain of the transistor.

As can be seen in Table 2.3, with almost equal output power for all three points, the

maximum efficiency is achieved when the second-harmonic impedance point II is presented.

This is the nearest point to the fundamental design space. However, the results show that

the efficiency is not too sensitive to the second-harmonic impedance points, selected from

the boundary or inside of the linearity contour. It only varies 1% moving from point I to II

on the linearity contour and 2.5% from point II to III, moving from the boundary into the
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Table 2.3: Simulated class-B/J power amplifier RF performance
for points I, II and III with a fixed fundamental impedance

ZF0 |C=21.25 + j22.5 Ω.

Point I Point II Point III

Vmin (V) 5.2 5.2 7.7

Efficiency (%) 55.5 56.5 54

Output power (dBm) 39.08 39.2 39.12

contour.

Employing the class-B/J mode design space concept combined with the harmonic loadpull

results, integrated and discrete class-B/J GaN power amplifiers are designed in Chapter

3. Presenting the load impedances from the simulated and measured design spaces, the

PA performances to achieve the maximum output power and high efficiency over increased

bandwidths, as expected in Chapter 2, are experimentally assessed in Chapter 3.
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Chapter 3

Class-J integrated and discrete power amplifiers

3.1 Introduction

High output power, high efficiency and, recently, wide bandwidth are three desirable factors

for RF/Microwave PAs. Higher circuit power efficiency leads to lower dc power consump-

tion, therefore increasing the battery life and also relaxing the heat dissipation requirements.

MMICs are of great interest in RF/Microwave applications due to their smaller sizes com-

pared to that of hybrid circuits. Among the existing microwave device technologies, Al-

GaN/GaN semiconductor technologies are particularly suitable for MMIC PA applications

due to their superior performance to other semiconductor technologies such as GaAs and

Si [25].

Fig. 3.1 shows GaN figures of merit compared to GaAs and Si. As can be seen, GaN

has significantly greater band-gap energy and breakdown field intensity, which translate into

higher operating voltages. In addition to higher output power, higher drain voltages move

the optimum load resistance, Ropt, closer to the center of the Smith chart. This provides the

opportunity to minimize losses of the output matching network through requiring matching

networks with low loaded quality factors. The low quality factor matching network is also

relatively more broadband thus implying the possibility of wider bandwidth PA designs.

These advantages make GaN devices a strong option for broadband, high-power and high-

efficiency MMIC and discrete PAs [27–29].

Broadband PAs are of great interest as there is strong consumer desire to increase the

functionality of their wireless devices. The availability of broadband PAs would reduce

the need for multiple amplifiers inside of such devices, thus saving the development costs
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Figure 3.1: Comparison of GaN, GaAs and Si figures of merit [26]

and speeding up the implementation cycles. While a particular semiconductor technology

may be amenable to implementing broadband PAs, a selection of a suitable PA type is

perhaps even more important for wide bandwidth designs. Among the previously proposed

PAs, switching-mode PAs [30,31] rely on the specific and precise multi-harmonic impedance

terminations such as short and open circuits. These PAs normally exhibit narrowband

frequency performance (less than 10%) and make switching-mode PAs less appealing for

broadband applications. On the other hand, linear and quasi-linear mode amplifiers such

as class-A and classes-AB and B are less efficient than switching-mode PAs. Nevertheless,

harmonically-tuned class-B PAs [32–38] can theoretically achieve peak efficiencies as high

as 78.5%. However, the bandwidth of those PAs is also limited due to the difficulty in the

realization of their low impedance harmonic load terminations over a wide bandwidth [39,40].

The recently proposed linear class-J mode of operation [12,41], with proper fundamental

and second-harmonic impedances has shown the theoretical efficiencies as high as those of

class-”deep” AB and class-B PAs [42–51].

In this chapter, an integrated broadband class-J MMIC in 800 nm GaN technology is
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presented in Section 3.2 [48] ( c© 2013 IEEE). The analytical design methodologies are dis-

cussed and the PA RF performance is experimentally assessed. To improve the bandwidth

in 500 nm technology, the on-wafer loadpull setup is developed in Section 3.3 to measure the

impedances presented to the transistor drain at selected frequency points. The measured

impedances are used to design a hybrid output matching network and the measurement

results for the GaN MMIC PA are provided. A general output matching network design

methodology for a class-J power amplifier is explained in Section 3.4 and employed to design

a class-J PA using a commercial GaN die transistor. Finally, in Section 3.5, the impact of

the device package parasitics on class-J design spaces is investigated. Using the proposed

output matching network methodology in Section 3.4 and taking the device package and

internal parasitic components into account, an optimum output matching network solution

is presented and applied to design a discrete class-J PA. The PA RF performance is provided

at the end of this section.

3.2 Integrated class-J MMIC in GaN 800 nm technology

This section discusses the design of an MMIC class-J PA in 800 nm GaN technology. In

the integrated realization of PAs, the inherent loss of the inductors in the output matching

network has a significant impact on the integrated PA performance and is not normally

accounted for in the theoretical derivations of achievable output power and efficiency in the

literature. Taking advantage of the class-J PA and considering the impact of the inductor

loss in PA design parameters, an implementation of an integrated 0.5 W GaN class-J PA

through the proposed design methodology is the focus of this section. Theoretical derivations

of optimum load impedances, output power and efficiency are presented to demonstrate their

dependence on the quality factor of the integrated inductor used in the output matching

network. A group of design curves is obtained to select the optimum transistor size and
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impedance according to the required output power and efficiency for a given inductor loss.

An analytical-based design methodology using the design curves is proposed. To verify the

accuracy of this analytical design approach, an integrated 0.5 W 15 V MMIC PA is fabricated

in 800 nm GaN technology. The PA exhibits greater than 50% drain efficiency over 825 MHz,

from 2.25 GHz to 3.075 GHz.

3.2.1 Selected design area for Class-J PAs

In general, the optimum intrinsic resistance of a class-J PA, Ropt, can be located in two

distinct areas on the Smith Chart: higher than 50 Ω and lower than 50 Ω. In relatively high-

power PAs with high drain currents, the optimum resistance value falls inside the resistance

area that is lower than 50 Ω. However, to design a medium output power PA, such as designed

in this work, the optimum resistance should fall within the resistance area that is higher than

50 Ω. In addition, selecting higher Ropt indicates a low output current I = VDD/Ropt, and

thus induces a low power loss of I2Rpar due to the parasitic resistance Rpar. This is an extra

power loss on top of the matching network loss and degrades the PA performance.

The fundamental and second-harmonic impedance loci of class-J mode with α=1 and

class-J* mode with α=-1 for Ropt > 50 Ω are shown on the Smith chart in Fig. 3.2. From

this figure, to reach any fundamental impedance on the class-J and J* loci from the center

of the Smith chart, using only a two-lumped-element matching network suitable for L-and

S-band integrated amplifiers, two possible configurations, identified as (a) and (b) in Fig.

3.2, can be used.

Configuration (b) is attractive to simultaneously act as a matching network and a dc

supply network. However, in configuration (b), the second-harmonic impedance presented

to the transistor is located far from the edge of the Smith chart and the impedance seen by

the third-harmonic is far from short, which is theoretically required in class-J PAs. Therefore,

configuration (a) is selected in this work. The configuration (a) has an advantage of absorbing
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Figure 3.2: Fundamental and second-harmonic optimum intrinsic impedance loci for Ropt >
50 Ω in class-J mode with α=1 (solid line) and class-J* with α=-1 (dashed line)

the intrinsic drain-source capacitance of the transistor into its shunt capacitor and hence

reducing the required matching capacitance value.

The circuit schematic, which uses the configuration (a) for the output matching network,

and discussed in more detail later in subsection 3.2.2, is shown in Fig. 3.3. In this design, the

output matching network is built with series spiral inductor L2 and parallel MIM capacitor

C2 , which nearly synthesize the required fundamental and second-harmonic loads at the

transistor drain.

3.2.2 Study of the inductor quality factor on PA performance and the proposed

design methodology

Since the output matching network significantly affects the MMIC PA efficiency and

output power delivered to the load, this section studies the impact of the output matching

network losses at the fundamental frequency on the PA performance and presents a method-

ology to determine the design parameters of the PA presented in Fig. 3.3. As the capacitors

have significantly higher quality factors than inductors, losses in C2 are ignored. To investi-

gate the impact of the inductor losses on the MMIC PA performance, the inductor with the
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Figure 3.3: Schematic of the designed class-J MMIC PA in GaN 800 nm technology.

finite quality factor Q is modeled as a loss-less inductor L2 in series with a resistor Rloss =

ωL2/Q. Using this representation, the design expressions are derived, which directly relate

the inductor quality factor Q to the transistor width and optimum intrinsic load resistance

Ropt. The usefulness of this relationship is then demonstrated through the design of an inte-

grated class-J PA with the schematic illustrated in Fig. 3.3. Note that the intrinsic output

capacitance of the transistor is absorbed into capacitor C2 and that the following theoretical

expressions are derived at the fundamental frequency.

Considering Zd as the impedance looking into the matching network and id , iL as currents

flowing into the transistor drain and output load respectively, the power delivered to the

matching network, Pd , and to the output load, PL , is obtained as:

Pd =
1

2
Re[Zd]|id|2 (3.1)

and

PL =
1

2
RL|iL|2, (3.2)

where the inductor loss is included in Zd. Then, the amplifier power and efficiency reduction

ratio, X, due to the inductor loss from the transistor drain to the output load is calculated
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as:

X =
ηL
ηd

=
PL
Pd

=
RL

Re[Zd]

∣∣∣∣iLid
∣∣∣∣2 , (3.3)

where ηL and ηd are the PA efficiencies at the load and the transistor current source planes,

respectively. From (3.3) the reduction ratio of the PA output power and efficiency is derived

as:

X =
ηL
ηd

=
PL
Pd

=
RL

RL + ωL2/Q
. (3.4)

As expected, (3.4) shows that series low-quality inductors in the output matching net-

work can significantly degrade the PA delivered power and efficiency to the load. Thus,

an integrated PA design procedure should not only focus on presenting the optimum load

impedance to the transistor but also on optimizing the losses in the matching network. Tak-

ing into account the inductor Q, a procedure to choose the circuit design parameters, such

as transistor size and Ropt to achieve the desired output power and efficiency is discussed

next.

By substituting Pd from (3.4) into PdJ =(Vdc-VK)Imax/4, the transistor maximum drain

current can be derived as:

Imax =
4PL

Vdc − VK

(
1 +

ωL2

QRL

)
. (3.5)

Considering a hypothetical reference transistor with width W0 and generating the max-

imum allowed current I0 max, the current density S0=I0 max/W0 can be used with (3.5) to

determine the required transistor width from the following expression:

W =
4PL

S0(Vdc − VK)

(
1 +

ωL2

QRL

)
. (3.6)

The optimum intrinsic load impedance in a class-J PA, Ropt , as a function of the inductor

Q is derived by substituting (3.5) in Ropt=2(Vdc-VK)/Imax:

Ropt =
(Vdc − VK)2

2PL

(
1 + ωL2

QRL

) . (3.7)
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The above expression is a function of inductor L2, which makes the design procedure

dependent on a specific inductor value. To eliminate this dependence, another expression

relating Ropt to L2 is required. From Fig. 3.3, the admittance looking into the matching

network at node 1, Yd , is equal to the class-J optimum intrinsic admittance presented to

the transistor, i.e. Yd =Yopt. Therefore, equalizing the real parts of Yd and Yopt results in the

following expression:

RL +Rloss

(RL +Rloss)2 + (ωL2)2
=

1

2Ropt

, (3.8)

where Rloss, the series loss resistance of the inductor L2, can be substituted in (3.8) with

ωL2/Q and yields:

Ropt =
1

2
(RL + ωL2/Q) +

(ωL2)2

2RL + ωL2/Q
. (3.9)

Then, using (3.7) and (3.9) to eliminate ωL2, a second-order expression relating Ropt to

the inductor Q, output power PL and Vdc is derived as:

(Ropt)
2 =

RL(Vdc − VK)2

4PL
+
Q2RL[(Vdc − VK)2 − 2PLRopt]

2

4PL(Vdc − VK)2
. (3.10)

Solving (3.10) results in two roots Ropt1 and Ropt2 (with positive and negative signs in

the nominator, respectively):

Ropt1,2 =
µQ2 ±

√
(σ − µ2)Q2 + σ

4PL(Vdc − VK)2 − 4P 2
LQ

2RL

, (3.11)

where µ and σ are coefficients related to RL, PL and Vdc-VK parameters, which are given as:

µ = −2PLRL(Vdc − VK)2 (3.12)

and

σ = 4PLRL(Vdc − VK)6. (3.13)

Since for small values of Q, optimum resistance Ropt2 results in negative values and are

unacceptable, Ropt1 is the meaningful solution of (3.11) and is used to determine the reduction

ratio X and the optimum transistor width.

47



Similarly, using (3.7) in (3.4) to eliminate ωL2, the new expression for the PA output

power and efficiency reduction ratio yields:

X =
2PLRopt(Q,PL)

(Vdc − VK)2
, (3.14)

where Ropt(Q,PL) is the acceptable solution of (3.11) for a given inductor Q and delivered

power to the load PL. The drop of the PA efficiency from transistor drain to the output load

due to the output matching network is calculated as:

∆η = ηd − ηL = (1−X)ηd = (1−X)
Pd
Pdc

=
π

4
(1−X)

(
1− VK

Vdc

)
, (3.15)

where Pdc is the DC power, which is obtained from Pdc=Vdc Idc =Vdc (Imax/π), and Pd is

deduced from PdJ =(Vdc-VK)Imax/4.

Finally, the modified expression for the total transistor width by eliminating ωL2 from

(3.6) is derived as:

W =
2(Vdc − VK)

S0Ropt(Q,PL)
. (3.16)

Expressions (3.11), (3.14), (3.15) and (3.16) are design equations, which relate the im-

portant PA parameters, i.e. the efficiency and the output power, to the transistor width,

technology-limited inductor Q and the current density S0.

Fig. 3.4 demonstrates the optimum resistance Ropt1 from (3.11) as a function of the

inductor Q in three different dc supply voltages of 15 V, 12 V and 9 V. The nominal GaN

technology parameters, used in this design are S0=60 mA/80 µm=0.75 A/mm, VK=2.2 V.

The maximum current density in this technology is S0=1 A/mm.

For each dc supply voltage, acceptable optimum intrinsic resistances are plotted for the

output power PL ranging from 26.5 dBm to 27.5 dBm. From Fig. 3.4, for a given output

power PL and Vdc value, lower inductor Q requires a lower Ropt. In addition, decreasing

Vdc reduces Ropt toward 50 Ω, which could make the output matching network design much

simpler. The drawback of lowering Ropt, when Vdc is fixed, associates with an increase in
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Figure 3.4: Transistor optimum intrinsic resistance as a function of the inductor Q for
different Vdc and PL , using technology parameters of S0=0.75 (A/mm), VK =2.2 V.

the Imax , and consequently an increase in the transistor width with its associated larger

parasitic capacitances.

Similarly, Fig. 3.5 illustrates the PA output power and the efficiency reduction ratio, X,

obtained from (3.14) and the efficiency drop, ∆η , from (3.15), whereas Fig. 3.6 shows the

transistor optimal widths determined from (3.16) as functions of the inductor Q for the same

range of Vdc and PL used in Fig. 3.4.

As can be seen from Fig. 3.5 and Fig. 3.6, lowering dc supply voltage for a given

inductor Q and PL, minimizes the reduction ratio and the efficiency drop respectively, while

maximizing the total transistor width.

An algorithmic design methodology has been developed for a PA shown in Fig. 3.3, to

determine the amplifier design parameters. Based on the design requirements, the following

steps are used to select the proper Ropt and transistor width to achieve the desired output

power and efficiency:

Step 1) Determine possible Ropt values from Fig. 3.4 over the dc supply voltage Vdc
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Figure 3.5: Efficiency drop (Left vertical axis) and PA output power and efficiency reduction
ratio (Right vertical axis), as functions of the inductor Q for different Vdc and PL, using
technology parameters of S0=0.75 (A/mm), VK =2.2 V.

Figure 3.6: Total transistor width as a function of the inductor Q for different Vdc and PL,
using technology parameters of S0=0.75 (A/mm), VK =2.2 V.
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range for given parameters: i) PA output power PL , ii) technology’s inductor quality factor

Q.

Step 2) Determine the total transistor widths W corresponding to the selected range of

Vdc values from Fig. 3.6.

Step 3) For the given parameters PL and Q, determine from Fig. 3.5 the efficiency drop

as well as the output power and efficiency reduction ratio X, then select the optimal dc

supply value Vdc−Sel.

Step 4) For the Vdc−Sel value, use Figs. 3.4 and 3.6 to select Ropt−Sel and WSel , to obtain

the minimum efficiency drop due to the output matching network.

Step 5) Design the output matching network to translate load impedance RL to class-J

impedances given in (2.9) and (2.10).

3.2.3 Class-J amplifier design

To verify the theoretical expectations of class-J behavior, the proposed design procedure

in subsection 3.2.2 can be used to determine the design parameters of a PA delivering 27

dBm of power at 2.5 GHz to a 50 Ω load. The technology used in this work is a 0.8 µm GaN

process on SiC substrate. The nominal maximum oscillation frequency and the frequency

of unity short-circuit current gain in this technology are fmax =45 GHz and fT =16 GHz,

respectively.

The preliminary version of the provided GaN design kit, at the time of the PA design,

included a limited number of transistor widths and fingers to provide the desired output

power. In addition, the existing integrated inductors in the design kit had a maximum

quality factor of nearly 10 at 2.5 GHz. Taking into account those two restrictions, we start

the amplifier design according to the proposed design steps. From Fig. 3.4, for output power

PL =27 dBm and inductor Q=10, three intrinsic optimum resistances of 43 Ω, 83 Ω and 135

Ω corresponding to dc supply voltages of 9 V, 12 V and 15 V are read. Using Fig. 3.6, the
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Figure 3.7: dc transfer characteristics for 6×40 µm GaN HFET at bias voltage Vdc=15 V.

transistor widths for those optimum resistances are determined as 425 µm, 315 µm and 253

µm respectively. From Fig. 3.5, the efficiency drops due to the lossy matching network for the

determined optimum resistances are obtained 4.7%, 9% and 12.3% respectively. Therefore,

from the efficiency perspective for the monolithic technology used and 27 dBm output power

targeted, the optimum set of design parameters that should have been selected are: Vdc=9

V leading to Ropt=43 Ω and W=425 µm. Since the designed and fabricated PA preceded

the development of the design methodology, we selected initially and unfortunately the sub-

optimal design with the following parameters Vdc=15 V leading to Ropt=135 Ω and W=253

µm for the output power PL=27 dBm and inductor Q=10.

The closest total transistor width in the provided GaN design kit to the determined width

of 253 µm is 240 µm. Based on the available number of fingers and widths in the design kit,

it can be constructed either with four 60 µm or six 40 µm gate fingers. Due to the lower

parasitic capacitances in smaller gate widths, we choose six 40 µm fingers to construct the

GaN HFET in this work. The HFETs dc drain current and the transconductance as functions

of the gate voltage are demonstrated in Fig. 3.7. The device is completely pinched off at
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Vgs=-3.8 V when the drain is biased at 15 V. The drain current at Vgs=0 V is IDSS=160 mA

and the maximum drain current at Vgs=0.8 V is obtained nearly Imax=180 mA. According

to the class-J mode bias condition of 5% IDSS [41], the device is biased at Vgs=-3.4 V to draw

a quiescent drain current of almost Idq=7 mA. The simulated maximum transconductance

value in Fig. 3.7 is verified by a theoretical value obtained from equation gm=2πfT · Cgs,

which results in gm=52.3 mS. In this technology, the nominal unity-gain frequency is fT=16

GHz and the parasitic gate-source capacitance for the selected transistor is Cgs=520 fF.

The selected transistor is first unconditionally stabilized by an on-chip stabilization net-

work shown in Fig. 3.3. The stabilization network consists of a series resistor RS=20 Ω and

the largest available inductor in the design kit of 8.82 nH, which is used to provide a constant

dc current and resonate at 2.5 GHz with the combination of the gate node capacitance and

an external capacitor, Cg=0.36 pF.

To verify the theoretically determined intrinsic load impedances for the designed PA, a

transistor loadpull simulation, in Agilent’s ADS simulator, for maximum output power in

the presence of the stability network is performed. In the transistor loadpull simulation, the

parasitic drain-source capacitance of 10 fF is de-embedded to obtain the intrinsic impedances

presented at the transistor current-source plane.

The output power and PAE contours at the fundamental and second-harmonic frequencies

for an input power of 17 dBm and center frequency 2.5 GHz are shown in Figs. 3.8a and

3.8b respectively. From Fig. 3.8a, the transistor loadpull simulation shows the maximum

output power at the transistor current source plane of 27.5 dBm and PAE of 57%, which

corresponds to the drain efficiency of almost 72%.

The intrinsic output load impedances corresponding to the maximum output power and

PAE obtained from loadpull simulation and class-J mode design theory are shown in Table.

3.1. As can be seen, the theoretical results are in good agreement with those obtained from
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Figure 3.8: (a) Output fundamental, and (b) second-harmonic loadpull contours with de-
embedded drain-source capacitance at 15 V dc supply, 17 dBm input power and 2.5 GHz.
PAE contours (solid lines), and output power contours (dotted lines).

Table 3.1: Intrinsic class-J mode fundamental, second-harmonic and source impedances to
achieve the maximum output power at 2.5 GHz

Source/loadpull Theory

Fundamental impedance 148 + j122 Ropt + jRopt

Second-harmonic impedance -j196 -j3π/8 Ropt

Source impedance (Zs) 50 + j120 N/A

Ropt=135 Ω, obtained from theoretical design curve (Fig. 3.4)

the loadpull simulation.

Table. 3.1 also provides the source impedance Zs from transistor source pulling at 2.5

GHz, which is used to design the input matching network. This value cannot be estimated

with the relatively simple analytical device model used to derive the design methodology.

The input matching network to translate 50 Ω to Zs in Fig. 3.3, consists of a series capacitor

C1=0.36 pF, a shunt inductor L1=5.28 nH and a series capacitor Cb=6 pF, which blocks the
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Figure 3.9: Class-J PA intrinsic voltage and current waveforms in GaN 800 nm technology.

dc path through inductor L1 to the ground.

In order to design an output matching network to translate 50 Ω to the determined

theoretical class-J mode load impedances, a series spiral inductor L1=7.1 nH, with Q of

nearly 10 at 2.5 GHz and a MIM shunt capacitor C2 =0.21 pF are used.

The simulated intrinsic drain voltage and current waveforms of the designed class-J am-

plifier after de-embedding of the drain source capacitance are shown in Fig. 3.9. The

simulation is performed with a 17 dBm CW input signal at 2.5 GHz. The minimum and

maximum intrinsic drain voltages are read as 2.2 V and 37.5 V respectively. With almost 50

ps time difference between the maximum voltage and zero current points in one RF cycle,

the simulated PA demonstrates a nearly 45 ◦ phase shift at 2.5 GHz between the current and

voltage waveforms at the drain of the FET as was theoretically expected from Fig. 2.2 in

subsection 2.2.2. The quiescent drain bias current is maintained at 7 mA, which corresponds

to a ”deep” class-AB mode of operation. The nonlinearity in the current waveform is due to

that the voltage waveform crosses the knee voltage and drops lower than zero in part of the
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Figure 3.10: Class-J PA scattering parameters in GaN 800 nm technology.

signal period. A dip in the current waveform appears since the current waveform includes a

set of even and odd harmonics and the odd harmonics are not completely open circuited to

generate the ideal half rectified current waveform.

The simulated amplifier scattering parameters are demonstrated in Fig. 3.10. The maxi-

mum small signal gain is achieved 17 dB at 2.4 GHz whereas the isolation is simulated better

than 23 dB in the whole range of 2 GHz to 3.2 GHz. The minimum return loss is obtained

10 dB at about 2.4 GHz.

3.2.4 Layout and experimental results

To verify the accuracy of the proposed design procedure and the theoretical results ob-

tained in Chapter 2, subsection 3.2.2, an MMIC PA was fabricated and its die photograph

along with the measurement setup is shown in Fig. 3.11. In the fabricated 2×2 mm2 PA,

circuit components are connected through 52 µm-wide CPW lines with nearly 50 Ω charac-

teristic impedance. As the maximum current-carrying capacity for the interconnect layers

in this technology is 6 mA/µm for a single-layer interconnect, therefore, a 52 µm-wide CPW
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Figure 3.11: Measurement setup and die photograph of the class-J GaN MMIC PA.

line, providing 50 Ω characteristic impedance, can also carry the maximum drain current

Imax=180 mA, which was obtained from Fig. 3.7. Five 18 µm wide air bridges depicted in

Fig. 3.11 are employed to connect ground planes on the top layer. Out of two gold metal

layers provided by the foundry, the amplifier layout is mostly realized on the first gold layer

with the exception of the spiral inductors and the MIM capacitors, which are fabricated on

both metal layers.

The fabricated chip was mounted on a ceramic laminate, RO4003C from Rogers Corp.

The gate power supply bond pad was wire-bonded to a PCB trace on the laminate and

the drain bias is applied externally through a bias tee. The maximum output power was

achieved when the transistor was stimulated by a 17 dBm CW input signal. To apply this

power to the transistor, a signal generator along with a pre-amplifier ZHL-42W from Mini-
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Figure 3.12: Amplifier output power, drain efficiency and PAE at the load plane as functions
of the input power at 2.5 GHz.

Circuits, a directional coupler and an isolator were utilized. The isolator was used between

the pre-amplifier and the transistor to avoid any potential instability and damage. All the

measurements were conducted on-wafer using GSG probes.

Fig. 3.12 shows the measurement and simulation results for the output power and ef-

ficiency at the load plane as functions of the input power swept from 0 to 20 dBm at the

center frequency of 2.5 GHz.

The input 1-dB gain compression point, P1dB, is measured as 12.5 dBm. At the input

power of 17 dBm, the output power is measured as 26.8 dBm, which corresponds to a

drain efficiency of 57%. At this point, the amplifier gain is compressed to about 5.2 dB.

A maximum drain efficiency of nearly 59% at the saturation output power is achieved. In

10-dB input power back-off from the output power saturation point, a drain efficiency of

greater than 44% is also measured.

Fig. 3.13 demonstrates measured and simulated output power and drain efficiency as

functions of the frequency at 17 dBm input power. To generate this input power and apply
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Figure 3.13: Amplifier output power, drain efficiency at the load plane as functions of the
frequency at 17 dBm CW input power.

it to the amplifier, a signal generator along with a driver amplifier and an isolator were

utilized. The isolator was used between the driver amplifier and the MMIC PA to avoid

any potential instability and damage. As can be seen, the drain efficiency was measured

to be greater than 50% over 825 MHz from 2.25 GHz to 3.075 GHz, whereas the output

power varied almost 1.5 dB over 625 MHz from 2.225 GHz to 2.85 GHz. Below 2.2 GHz,

class-J impedances are not presented to the intrinsic drain of the transistor and for those

frequencies, the impedances are far from the class-J design space, consequently the output

power and the drain efficiency drop significantly.

Fig. 3.14 represents the simulated drain efficiency at the transistor drain and the mea-

sured drain efficiency at the load planes as functions of the frequency. Due to the inductor

loss, a nearly 12.5% drop from the simulated efficiency at the transistor drain to the measured

efficiency at the load plane was observed, which is in good agreement with the theoretical

value of almost 12% shown in Fig. 3.5.

To investigate the linearity performance of the realized amplifier, IMD measurement was
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Figure 3.14: Amplifier simulated drain efficiency at the transistor current-source plane in
comparison with the measured efficiency at the load plane as functions of the frequency at
17 dBm CW input power.

performed using a two-tone signal.

The resultant third-order IMD performance, obtained with 1 MHz tone spacing at a

center frequency of 2.5 GHz, is depicted in Fig. 3.15, in which the IMD3 is plotted as

function of the output back-off (OPBO). As can be seen, the amplifier presents a minimum

IMD3 of -32 dBc at 5 dB OPBO. The IMD3 characteristic of the amplifier agrees with the

predicted IMD3 patterns normally encountered on class-B PAs [52].

Based on Fig. 3.5, lowering Vdc for given inductor Q and output power PL decreases

the efficiency drop in the output matching network. To validate this, we carried on two

additional class-J PA designs in Agilent’s ADS using dc supply voltages 12 V (design 2) and

9 V (design 3) that can deliver PL=27 dBm at 2.5 GHz to the output load 50 Ω. Their design

led to series inductors in the output matching network with Q of nearly 10 at 2.5 GHz in both

cases. Total transistor width was increased from 240 µm in the original design, i.e Vdc=15

V, to the realizable sizes of 320 µm (8×40 µm) and 420 µm (6×70 µm) in designs 2 and

3, respectively, while the optimum intrinsic resistance presented to the new transistors was
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Figure 3.15: Amplifier measured third-order inter-modulation distortion as a function of the
output power back-off at a center frequency 2.5 GHz.

decreased from 135 Ω in the original design to 83 Ω and 43 Ω in designs 2 and 3, respectively.

The theoretical, from Fig. 3.5, and Agilent’s ADS simulation efficiency drop values for

designs 2 and 3 are compared in Table 3.2. As expected from the theory, the simulation

results also verify the efficiency drop reduction from the original design to designs 2 and 3,

when the dc supply voltages are decreased. The slight discrepancies between the drop in the

efficiency values predicted by the theory and Agilent’s ADS simulation are likely due to the

Table 3.2: Efficiency drop values in three designs with
Vdc=12 V and 9 V.

Efficiency drop (%)
Design 2 Design 3

(Vdc=12 V) (Vdc=9 V)

Theory, (Fig. 3.4)
9 4.7

∆ηth = η(d−th) − η(L−th)

ADS Simulation at 2.5 GHz
10.2 6

∆ηsim = η(d−sim) − η(L−sim)
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Table 3.3: L and S band class-J PAs comparison.

Ref. Freq. (GHz) Eff. Gain Pout Compres- In/Output

year BW (MHz) (%) (dB) (dBm) sion (dB) match

[41] 1.4-2.7
56-65 10-12 39-40 2 off-chip

2009 1300

[42] 1.35-2.25
60-70 10-12 39.5-40.4 2 off-chip

2009 900

[45] 2.08-2.2
60-72 10-11 39-40 4 off-chip

2011 120

[46] 2.3-2.7
60-70 12-15 40-40.8 NR off-chip

2011 400

[50] 1.6-2.2
55-68 10-12 40-41 2 off-chip

2012 600

This work 2.25-3.075
50-58 7-10 24-27 3.2 on-chip

2012 825

fact that the intrinsic losses in the transistor are not accounted for in the simple model used

to develop the analytical designed methodology in subsection 3.2.2.

A summary of the results for the designed class-J GaN MMIC PA in 800 nm technology

along with the results for class-J PA in L and S band, reported in the literature, are provided

in Table 3.3. Except in our work, all the other designs use 10 W packaged GaN transistors

connected to the off-chip matching circuits. The technology limitation and the low Q on-chip

matching circuit loss in the designed MMIC PA make the comparison difficult against those

discrete PAs reported in the literature in terms of the efficiency and output power. However,

in terms of the bandwidth, it is among the best reported results of the class-J PAs.
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3.3 Integrated class-J MMIC in GaN 500 nm technology

This section discusses another design of an MMIC class-J PA in 500 nm GaN technology.

The Canadian Photonic Fabrication Center (CPFC) and the National Research Council of

Canada (NRC), the organizations that fabricate GaN integrated circuits and provides the

design kit to the Canadian universities, respectively, upgraded GaN technology to 500 nm

and stopped accepting and fabricating integrated circuits designed in 800 nm technology.

Thus, the continuation of the research on the integrated class-J power amplifier in this

chapter was conducted in 500 nm technology.

The main contribution of this section is to develop the on-wafer loadpull setup in the

iRadio Lab and investigate the continuous-mode power amplifiers, specifically class-J PA.

The setup is used to obtain the fundamental and harmonic impedances experimentally, which

are utilized to design matching networks for a broadband integrated power amplifier.

3.3.1 Device selection and on-wafer loadpull measurements

The integrated class-J PA was designed to cover the LTE standard bandwidth, 1.8-2.7

GHz. The design was targeted to achieve output power, gain and efficiency higher than 29

dBm, 10 dB and 50%, respectively, across the entire bandwidth. Transistor dc measurement

shows the device is completely pinched off at VG=-4.2 V when the drain bias voltage is

Vdc=20 V (a voltage recommended by the foundry). The knee voltage is measured at VK=3

V.

As class-J mode is initiated from class-B, its maximum output power can be obtained

from Pmax=(Vdc-VK)Imax/4. Considering about 1.5 dB loss for the output matching network,

the integrated GaN transistor must be able to generate Pmax=30.5 dBm. Therefore, the max-

imum achievable current is calculated as Imax= 265 mA. In addition, the optimum resistance

is calculated from Ropt=2(Vdc-VK)/Imax=128 Ω. Having the nominal current density of 0.75
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Figure 3.16: Schematic and micro-photograph of MMIC transistor in GaN 500 nm technol-
ogy.

A/mm, the transistor size for generating this maximum output power is estimated as 350

µm. The closest transistor in the design kit is a slightly wider transistor 400 µm, constructed

with eight 50-µm-wide gate fingers.

Fig. 3.16 demonstrates the schematic and micro-photograph of the GaN MMIC transis-

tor. The transistor is stabilized by a resistor Rdc=500 Ω in the gate dc path. One MIM

capacitor, Cdc=6 pF, is used to provide a low impedance RF signal path to the ground. An-

other capacitor Cb=6 pF prevents the dc signal flowing into the input port. The transistor

periphery is 8×50 µm and the total chip area is 800×800 µm2. Two 18 µm-wide air bridges

are employed to connect ground planes. The fabricated die is mounted on an RO4003C

substrate PCB. The power-supply bond pad is wirebonded to a PCB trace to provide the

gate dc voltage to the transistor and the drain voltage is directly applied through the output

bias tee and the output tuners.

We arranged the on-wafer loadpull setup, shown in Fig. 3.17, to obtain the fundamental

output power and efficiency contours through controlling the second and third-harmonic

impedances. The setup includes the fundamental source (CCMT) and load (PMT) tuners

as well as the harmonic rejection tuner (PHT) at the load side to adjust the second and

third-harmonic impedances across the edge of the Smith chart. The tuners are made by

Focus Microwave Inc. The source and harmonic-rejection tuners are connected through two
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Figure 3.17: On-wafer arranged loadpull setup to obtain power and efficiency contours for
integrated GaN transistor.

short low-loss coaxial cables to the GSG Infinity probes from Cascade Inc.

In our setup, the harmonic-rejection tuner (PHT) can tune second and third-harmonic

impedances from 2F0=3.6 to 3F0=18 GHz. The tuner uses sets of two coaxial λ/4 open

resonators, as shown in Fig. 3.18, which slide on the top of the center conductor of the

tuner slab-line and allow the highest possible reflection coefficient from any tuner, equal to

a sliding short. PHT controls only the phase of the second and third-harmonic impedances

Figure 3.18: Harmonic rejection tuner structure, refer to page 52 in [53].
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on a circle at maximum reflection coefficient on the Smith chart. Each set of resonators

is factory-tuned to a harmonic frequency and has a bandwidth of about 5% with optional

adjustability [53]. Two pairs of resonators 2F0=4.28 GHz, 3F0=6.42 GHz and 2F0=5 GHz,

3F0=7.5 GHz are used in loadpull measurements in two distinct fundamental frequencies of

2.14 GHz and 2.5 GHz.

The desired maximum output power for the transistor, Pmax=30.5 dBm, is achieved

when the transistor is stimulated by a 19 dBm CW input signal. To apply this power to

the transistor, a signal generator along with a driver amplifier, a directional coupler, and an

isolator are utilized in the setup shown in Fig. 3.17. The driver amplifier is ZHL-42W from

Mini-Circuits, operating from 700 MHz to 4 GHz. The driver amplifier’s minimum gain and

P1dB are about 35 dB and 29 dBm, respectively. The isolator is used between the driver

amplifier and the transistor to avoid any potential instability and damage.

Prior to starting the loadpull measurements, the measurement setup must be calibrated

at each frequency of interest, i.e. 2.14 GHz and 2.5 GHz. The on-wafer loadpull measurement

uses ”In-Situ” calibration type to de-embed source and load tuners as well as the probes and

their connections in order to accurately measure the presented fundamental and harmonic

impedances to the GaN MMIC transistor. The on-wafer loadpull setup arrangement and

In-Situ calibration procedure are explained in Appendix B.

Once the calibration was completed, the on-wafer loadpull measurement was started. By

controlling the phase of the second and third-harmonic impedances with Focus Microwave

Loadpull Explorer software, the GaN MMIC transistor was loadpulled at the fundamental

frequency of 2.14 GHz. First, the source tuner was tuned to find the source impedance Zs1

that maximizes the power gain at the input power of 19 dBm. The measurement result for

the source impedance was Zs1=63 + j73 Ω. Then, using the PHT tuner, the second and third-

harmonic impedance phases were set to -70 ◦ and 0 ◦, respectively. The corresponding reactive

impedances of the adjusted phases were Im(Z2H)=-70 Ω and Im(Z3H)=0 Ω, respectively.
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Figure 3.19: Measured output power Pout (black solid lines) and power added efficiency PAE
(red solid lines) contours at 2.14 GHz. 6 Z2H=-70 ◦, 6 Z3H=0 ◦

Due to some imperfections in the on-wafer loadpull calibration, the harmonic impedances

were not exactly on the edge of the Smith chart and had a small real part of about 2.6 Ω

at the second and third-harmonic. One of the sources of the imperfect calibration is the

short cables connecting the source and PHT tuners to the probes. Although, very low-loss

and short cables are selected for this purpose, their inevitable loss along with the tuner’s

connector losses can degrade the reflection coefficient from ”1” to any value less than unity.

Fig. 3.19 shows the measured output power and power-added efficiency contours for the

GaN MMIC transistor. Peak output power and PAE values were measured to be about

31 dBm and 60.7%, respectively. The intersection impedance point of 30.5 dBm output

power and 55% PAE contours is Z|m1=135 + j59 Ω. Note that the expression Im(Z2H)'-

3π/8×Im(Z|m1) is valid, which is a relation between the reactive parts of the fundamental

and second-harmonic imepdances in the traditional class-J concept. See subsection 2.2.2.

Fixing the fundamental impedance on Z|m1 with the PMT tuner, the second and third-

harmonic impedance phases were swept across the edge of the Smith chart to measure the
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Figure 3.20: Measured output power versus second and third-harmonic impedance phase
sweep at 2.14 GHz

output power variation versus the harmonic impedance phases. As can be seen in Fig.

3.20, output power varies almost 2.5 dB when the second-harmonic impedance phase sweeps

from 6 Z2H=-180 ◦ to +180 ◦. The minimum and maximum output powers were measured at

6 Z2H=+18 ◦ and 6 Z2H=-150 ◦, respectively. It is interesting to note that the output power

varies less than 0.25 dB versus the third-harmonic impedance phase. This result shows that

the output matching network design can be simplified by presenting the proper fundamental

and second-harmonic impedances to the transistor.

Re-calibrating the setup at 2.5 GHz, the source impedance Zs2 was measured and tuned

at input power 19 dBm to transfer the maximum power to the transistor. The measured

impedance was Zs2=66 + j87 Ω. Tuning the second and third-harmonics to Z2H=2.6 - j50 Ω

and Z3H=0 with the PHT tuner, on-wafer loadpull measurement was conducted to measure

the output power and PAE contours at 2.5 GHz. Fig. 3.21 presents the loadpull contours.

With the new second-harmonic impedance at 2.5 GHz, the fundamental impedance, which is

the intersection of 30.8 dBm output power and 55% PAE contours was located at Z|m2=135

+ j42 Ω. Similar to the previous frequency, the traditional relation between the reactive
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Figure 3.21: Measured output power Pout (black solid lines) and power added efficiency PAE
(red solid lines) contours at 2.5 GHz. 6 Z2H=-90 ◦, 6 Z3H=0 ◦

Figure 3.22: Measured output power versus second and third-harmonic impedance phase
sweep at 2.5 GHz
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parts of the fundamental and second-harmonic impedances is also valid at 2.5 GHz.

Fixing the fundamental impedance on Z|m2 with the PMT tuner, we swept the phase of

the second and third-harmonics across the edge of the Smith chart to investigate the sensi-

tivity of the output power variation with respect to the phase of the harmonic impedances.

As seen in Fig. 3.22, the output power varied almost 1.8 dB when the second-harmonic

impedance phase sweeps from 6 Z2H=-180 ◦ to +180 ◦. The minimum and maximum output

powers were measured at 6 Z2H=+22 ◦ and 6 Z2H=-160 ◦, respectively. Similar to the previ-

ous case, the output power variation is not sensitive to the third-harmonic impedance phase

as it only varies 0.3 dB in this measurement.

Based on our findings using the on-wafer loadpull measurements, the fundamental and

second-harmonic impedances at two distinct frequencies 2.14 and 2.5 GHz have the following

properties:

1) Both measured fundamental impedances have equal real part Re(Z|m1)=Re(Z|m2)=135

Ω.

2) From Z|m1 to Z|m2 , the reactive part of the impedance is decreasing, while the reactive

part of the corresponding second-harmonic is increasing.

3) At each frequency, the reactive part of the second-harmonic impedance is almost -3π/8

of its counterpart in the fundamental impedance.

4) With slight output power difference, two impedance points m1 and m2 achieve almost

equal output power and PAE values.

All the above properties show that impedance points m1 and m2 belong to a class-J mode

”design space” with Re(Z)=135 Ω. This measured impedance is very close to the theoretical

value calculated at the beginning of this section, i.e. Ropt=128 Ω. Based on the class-J

concept and the measurement findings, we can estimate the GaN MMIC transistor design

spaces, which are used to design the power amplifier by presenting the proper impedances

to the intrinsic drain of the transistor. Although our measurement setup only includes the
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Figure 3.23: The ideal estimated fundamental and second-harmonic design spaces, deter-
mined based on on-wafer loadpull measurements at two frequency points 2.14 GHz and 2.5
GHz for GaN MMIC transistor.

second and third-harmonic resonators corresponding to F0=2.14 GHz and F0=2.5 GHz, the

aforementioned design space estimation can alleviate the need to perform multiple-point on-

wafer loadpull measurements to find the proper impedances to design the matching circuits.

The ideal estimated design spaces for the GaN MMIC transistor are shown in Fig. 3.23.

The next section discusses the design of a hybrid output matching network presenting the

fundamental and second-harmonic impedances from the above design spaces. The designed

GaN MMIC PA and the measurement results from 1.6-2.6 GHz are also presented.

3.3.2 Integrated matching networks and MMIC PA design

The proposed output matching network to present the measured fundamental and second-

harmonic impedances and synthesize the estimated design space across the desired band-

width, is shown in Fig. 3.24. It is a hybrid matching network that includes on-chip com-

ponents with their measured S-parameters provided in the GaN 500 nm library. Cp, Ls, Cr
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Figure 3.24: Output matching network designed based on measured impedances from on-
wafer loadpull setup.

and Lr are the on-chip components. Lr is used to feed the bias voltage to the drain of the

GaN MMIC transistor. Through a short wirebond, with estimated inductance of 1.5 nH,

the matching network is connected to a series Lext=1.5 nH inductor from Coilcraft and a

shunt Cext=1.8 pF capacitor from AVX. We used the measured S-parameters of the on-chip

and off-chip components to design a realistic matching network. The chip and the external

matching components were mounted on RO4003C substrate from Rogers.

Fig. 3.25 shows the impedance trajectory of the designed output matching network.

Thick parts of the impedance trajectory show the synthesized fundamental and second-

harmonic impedances in the ranges of 1.6-2.6 GHz and 3.2-5.2 GHz, respectively. The cross

symbols on the Smith chart represent the fundamental impedances from Fig. 3.23 that are

assigned to mark the frequency bandwidth of 1.6-2.6 GHz. The synthesized fundamental

and second-harmonic impedances at 2.14 GHz and 2.5 GHz are very close to the measured

values from the on-wafer loadpull measurements. As seen in Fig. 3.25, the fundamental

impedances deviate from the ideal design space at the lower and upper frequencies of the

bandwidth and this can degrade the PA performance as will be seen in the measurement

results later in this section.
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Figure 3.25: Designed hybrid output matching network impedance trajectory.

The insertion loss of the designed output matching network is illustrated in Fig. 3.26. It

varies from 0.7 dB at 2.14 GHz to about 1.2 dB at 1.7 GHz and 2.6 GHz. At 1.6 GHz, the

insertion loss increased to about 1.5 dB. The output matching network acts as a band-pass

filter to transfer the fundamental frequencies and filter out the harmonics. The second-

harmonic frequencies are suppressed better than 10 dB starting from 3.2 GHz.

For the input matching network implementation, we use a series spiral inductor Lin=5.8

nH (W=10 µm , Number of turns=6) to translate 50 Ω to the measured source impedances

Figure 3.26: Designed hybrid output matching network insertion loss.
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Figure 3.27: Measured GaN MMIC class-J power amplifier output power versus input power
sweep from 0 to 20 dBm at selected frequency points.

Zs1=63 + j73 Ω and Zs2=66 + j87 Ω at 2.14 and 2.5 GHz, respectively. The input matching

network insertion loss is about 0.5 to 0.6 dB across the bandwidth.

A GaN MMIC power amplifier was driven by a CW signal to measure the output power

and efficiency characteristics versus the input power and the frequency sweep. The measure-

ment results for the input power sweep, from 0 to 20 dBm and frequency sweep from 1.5

GHz to 2.7 GHz are shown in Figs. 3.27 and 3.28, respectively.

Fig. 3.27 shows the measured output power versus the input power sweep at four fre-

quencies from the desired bandwidth. As can be seen, the power amplifier’s gain compression

varies between 3 to 5 dB, across the desired bandwidth, at the maximum output power of

about 29 dBm. The power amplifier shows 2 dB small-signal gain variation in those four

frequencies.

From Fig. 3.28, the advantage of operating the designed GaN MMIC power amplifier in

class-J mode, manifests itself in achieving almost flat output power (higher than 28.5 dBm),

drain efficiency (higher than 50%) and gain (higher than 10 dB) in over 1 GHz frequency
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Figure 3.28: Measured GaN MMIC class-J power amplifier gain, output power and drain
efficiency versus frequency sweep from 1.5 GHz to 2.7 GHz at 19 dBm input power.

bandwidth from 1.6 GHz to 2.65 GHz.

The comparison of Fig. 3.13, the results of a 800 nm GaN MMIC class-J PA design based

on the simulation using provided transistor model, and Fig. 3.28, the results of 500 nm GaN

MMIC class-J PA design based on the measured impedances from the on-wafer loadpull

system, represent the improvement of the power amplifier operating bandwidth from 800

MHz to 1050 MHz, which is the outcome of presenting accurate impedances from class-J

mode design space to the transistor.

3.4 Methodology for realizing class-J mode output matching net-

work

In this section a simplified methodology to design a class-J mode output matching net-

work is presented. The methodology is applied to design a matching network presenting the
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proper continuous fundamental and second-harmonic impedances to the intrinsic current

source plane of CGH60008D, an 8 W GaN die transistor from Cree Inc., in the range of 1.8

GHz to 2.8 GHz. A design methodology is started and explained using the ideal compo-

nents. The impedance trajectory, insertion and return-loss characteristics of the matching

network are presented. A broadband input matching network is also designed to present the

proper source impedances obtained from the loadpull simulation. With slight tuning, due to

employing the measured real models of the commercial discrete matching components, the

designed power amplifier is simulated to obtain its RF performance in terms of gain, output

power and efficiency across the design bandwidth. The results show the feasibility of the

proposed design methodology to achieve more than one octave frequency bandwidth.

3.4.1 Proposed output matching network and simulation results

Referring to Fig. 2.4 in subsection 2.2.2, moving from the inductive part of the class-J

mode fundamental design space to the capacitive part, impedance point B on the design

space and on the zero imaginary axes of the Smith chart can be realized using a resonance

circuit, resonating at a frequency that is assigned to this impedance point. It is assumed

that the output matching network is designed to work from frequency f1 to f2 with the mid-

frequency f0, which is f0=(f1+f2)/2. Frequency f1 and f2 are assigned to two impedance

points in the inductive and capacitive parts of the Smith chart and frequency f0 is assigned

to impedance point B on the design space.

The proposed circuit to synthesize the closest solution to the ideal class-J mode funda-

mental and second-harmonic design spaces is shown in Fig. 3.29. In this circuit, Cr and Lr

are selected to resonate at frequency f0. In addition, it is empirically obtained that Z1, the

impedance looking into L1, C1 and 50 Ω termination, must be inductive from f1 to 2f2 with

low real parts for frequencies higher than 2f0. The circuit has some interesting properties,

which make it a practical solution for a class-J power amplifier:
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Figure 3.29: Proposed class-J mode output matching network

Figure 3.30: Proposed class-J mode output matching network with transmission line model

1) The shunt capacitor Cp can be used to model the parasitic drain-source capacitance

of the device.

2) Series inductance Ls can be used to model wirebond in die devices.

3) Shunt inductance Lr can be used as a choke to feed the bias voltage to the drain

terminal in MMIC, die and packaged devices.

4) If capacitance Cp is larger than the device parasitic drain-source capacitance Cds

(Cp=Cds+CT), breaking capacitance Cr in Fig. 3.29 into two capacitances Cm and CT

(Cr=Cm+CT), the inductance Ls and the residual capacitances CT at both sides of the in-

ductance in Fig. 3.30, can model a transmission line. In practice, the transistor gate and

drain pins are soldered to the traces on the PCB to connect to the matching network com-

ponents. The extracted transmission line in Fig. 3.30 can model the trace between the drain

terminal and the output matching network components. The characteristic impedance and

length of this transmission line at the center frequency f0 are calculated from the following
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Figure 3.31: Step 1 in the proposed class-J mode output matching network design: synthe-
sizing the second-harmonic impedances across the edge of the Smith chart

expressions:

Ls =
Z0 sin(θ)

ω0

, CT =
tan(θ/2)

ω0 Z0

. (3.17)

To generate 8 W output power from this die device operating from f1=1.8 GHz to f2=2.8

GHz (f0=2.3 GHz) in class-J mode, the maximum current is calculated as Imax=1.35 A with

Vdc=28 V. Having a knee voltage around VK=4 V, the optimum load resistance of the device

is calculated as Ropt=36 Ω. The design steps to synthesize the proposed output matching

network are explained in the following:

Step 1) The design is started by synthesizing the second-harmonic impedances across

the edge of the Smith chart. This task is conducted by the circuit shown in Fig. 3.31. The

reflection coefficient of this circuit is simulated in Agilent’s ADS and shown in Fig. 3.32. For

the second-harmonic frequency range of 3.6-5.6 GHz, the circuit generates impedances from -

j16.6 Ω to +j16.1 Ω on the edge of the Smith chart. In this circuit, Cp represents the parasitic

drain-source capacitance of the die device. According to the device datasheet [54], the typical

value of this capacitance for small-signal input powers is about 0.5 pF. For the large input

signals, the parasitic drain-source capacitance presents a heavily nonlinear behavior at low

voltages across the capacitor. At maximum output power of 8 W, the nonlinear drain-source

capacitance is measured around 1.2 pF [44].

Step 2) The design mid-frequency is f0=2.3 GHz. Without changing Cr, the value of

Lr needed to resonate with Cr at 2.3 GHz is calculated as Lr= 1.45 nH. Fig. 3.33 shows the
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Figure 3.32: Second-harmonic generation from the circuit shown in Fig. 3.31

equivalent circuit of Fig. 3.31 by replacing inductor Lm with two parallel inductors Lr and

Leq. The value of Leq is calculated from: Leq=
Lr · Lm
Lr − Lm

as 1.75 nH.

Step 3) Leq is substituted with the equivalent circuit consisting of L1 and C1, terminated

Figure 3.33: Step 2 in the proposed class-J mode output matching network design: synthe-
sizing the resonance circuit at 2.3 GHz and finding the equivalent inductance value

Figure 3.34: Step 3 in the proposed class-J mode output matching network design: synthe-
sizing the LC equivalent circuit.
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Figure 3.35: Impedance trajectory of the proposed output matching network and fundamen-
tal ideal design space corresponding to Ropt=36 Ω.

by 50 Ω in Fig. 3.34. Simulation results show that Z1 is totally inductive from f1=1.8 GHz

to 2f2=5.6 GHz and its real parts for frequencies higher than 4.6 GHz are considerably lower.

Thus, the empirical conditions, explained in the beginning of this section, are satisfied using

this equivalent circuit. Fig. 3.34 is the final ideal output matching network for the class-J

power amplifier with Ropt=36 Ω.

The designed circuit is simulated in Agilent’s ADS. Fig. 3.35 shows the impedance

trajectory of the designed circuit simulated from 1.6 GHz to 6 GHz. In addition, the ideal

fundamental design space of Ropt=36 Ω is plotted in this figure. As seen, the synthesized

fundamental impedances are almost located on the design space, varying their reactance from

+j15.6 Ω at 1.8 GHz to -j15.4 Ω at 2.8 GHz. The reactance values of the synthesized second-

harmonic impedances correspond to the reactance values of the fundamental impedances

according to the traditional class-J mode impedance expressions in (2.9) and (2.10).

The ideal matching components in Fig. 3.34 are replaced with the measured models

for the discrete components from AVX and Coilcraft companies for capacitors Cr, C1 and

inductors Lr, L1, respectively. With slight tuning, the new output matching network is shown

in Fig. 3.36. Capacitor Cp=1.2 pF represents the device nonlinear drain-source capacitance
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Figure 3.36: The output matching network replaced with the measured models for the real
discrete components and fine tuning to achieve the desired impedance trajectory.

at the output power of 8 W. Inductance Ls models the wirebond to connect the device drain

terminal to the external components. It might be required to use up to three wirebonds in

parallel to build the inductance Ls=0.4 nH. Overall, using only four discrete components at

the output, class-J mode design spaces are realizable for the 8 W GaN die device.

The new output matching network was simulated in Agilent’s ADS software to obtain

the impedance trajectory and its insertion/return loss characteristics. Fig. 3.37 compares

the matching network impedance trajectories synthesized by real and ideal components.

In Fig. 3.37, the fundamental impedances on the trajectory synthesized by the real

Figure 3.37: Simulated impedance trajectories, synthesized by real components (blue line
with triangle symbols), synthesized by ideal components (red line with hexagon symbols).
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Figure 3.38: Simulated insertion (red solid line) and input/output return losses (square/circle
symbols) of the output matching network with real discrete components.

components (blue solid line) are very close to their counterparts on the ideal impedance

trajectory (red solid line). However, the second-harmonic reactances deviate by +j10 Ω

from the values synthesized by the ideal matching network. The simulated insertion and

input/output return losses of the designed matching network are shown in Fig. 3.38. The

maximum insertion loss of about 0.31 dB at 2.8 GHz is obtained, whereas the return losses

vary from 10 to 17 dB across 1.8-2.8 GHz bandwidth.

So far, the design space concept in power amplifiers operating in class-J mode was pre-

sented as an alternative option to the loadpull simulations and measurements to find the

fundamental and harmonic load impedances presented to the intrinsic drain of the transistor.

Therefore, knowing the design space is helpful to design an initial and also accurate out-

put matching network, if the fundamental and harmonic impedances through the loadpull

simulation or measurement setup are not available for a designer.

3.4.2 Class-J PA design using the proposed output matching network

To complete the design procedure, we need to find the optimum source impedances

presented to the stabilized 8 W GaN die device, shown in Fig. 3.39. This figure shows the

schematic that was used in sourcepull simulation in Agilent’s ADS. The fundamental and
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Figure 3.39: The stabilized 8 W GaN die device schematic used in sourcepull simulation.

harmonic impedances are provided from the designed output matching network, shown in

Fig. 3.36.

The optimum source impedances for the desired gain, output power and efficiency val-

ues at different frequencies across the desired bandwidth are provided in Table 3.4. The

impedances are obtained to achieve Gain≥11 dB, Pout ≥8 W (39 dBm) and Efficiency≥55%

across 1.8-2.8 GHz bandwidth.

Fig. 3.40 shows the designed broadband input matching network to present the impedances

in Table 3.4 to the stabilization network. The circuit is designed using the measured models

for the discrete components from AVX and Coilcraft companies. The transistor gate bias

Table 3.4: 8 W GaN die device optimum fundamental source impedances.

Frequency (GHz) Zs (Ω)

1.8 10.3 + j16.6

2.0 8.7 + j14.6

2.3 9.2 + j15.6

2.6 10.2 + j14.6

2.8 9.5 + j13.5
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Figure 3.40: Broadband input matching network designed using measured models for the
real discrete components.

voltage is provided through the inductor Lin4, shown in Fig. 3.40. Input matching network

simulation shows a minimum insertion loss of about 0.7 dB at 1.8 GHz.

The designed class-J PA with the proposed broadband matching networks, is evaluated

in Agilent’s ADS by applying 28 dBm input power. Fig. 3.41 presents its RF characteristics

in terms of gain, output power and efficiency versus frequency. As seen, the designed PA

using the real discrete components demonstrates higher than 55% drain efficiency, 39.5 dBm

output power and 11.5 dB gain across 1.8-2.8 GHz bandwidth. The results are better than

Figure 3.41: Simulated class-J die power amplifier gain, output power and drain efficiency
versus frequency sweep from 1.4 GHz to 3.2 GHz at 28 dBm input power. The power
amplifier is designed using the real discrete components in the matching networks.
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our initial goals at the beginning of this section.

3.5 Discrete class-J PA design and the practical considerations

This section presents the design of a broadband, 1.6-3 GHz, 10 W class-J power amplifier

using CGH40010F, a 10 W GaN packaged power transistor from Cree Inc [55] ( c© 2013

IEEE). Taking into account the extrinsic parasitic elements and the nonlinear drain-source

capacitance of the packaged transistor, an external output matching network is designed

to provide the proper impedances to the transistor current-source plane across the desired

bandwidth. It is shown that by deviating maximum 3 Ω in the real part with respect to

the optimum impedances from the fundamental design space, the output matching network

presents fundamental impedances in the frequency range of 1.6-3 GHz by trading-off only 0.5

dB of the output power. Sourcepull simulation of the transistor led to design of a broadband

input matching network. The designed power amplifier exhibits greater than 60% efficiency

and almost 40 dBm output power over 1.3 GHz frequency bandwidth.

3.5.1 Output matching network design for a packaged transistor

To realize the impedances in (2.9) and (2.10), presented to the intrinsic drain plane of

a packaged transistor, the extrinsic parasitic elements as well as the intrinsic drain-source

capacitance of a packaged transistor must be taken into account in an output matching

network design.

Fig. 3.42 demonstrates the designed class-J PA with the external input and output

matching networks. Moreover, the transistor is simply modeled and shown with the intrinsic

and extrinsic parasitic components. The transistor extrinsic parasitic elements, in both gate

and drain terminals, are provided by the manufacturer as: an inductor of 0.55 nH in series

with gate and drain transmission lines TLg and TLd with Width=100 mil and Length=30

mil [56]. These parasitic elements are modeled on SiC substrate on which the transistor
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Figure 3.42: Schematic of the designed class-J PA with external input and output matching
networks, and the device simple intrinsic/extrinsic model.

is fabricated. The characteristics of the SiC substrate used in the Cree GaN process are:

εr=9.6, Height=20 mil and conductor thickness=1.4 mil.

In [44], the nonlinear behavior of the intrinsic drain-source capacitance of CGH40010F

is investigated. It is shown that the average capacitance value is quite constant and about

2 pF for output power lower than 32 dBm (1.6 W), while due to the harmonic generation

property of such nonlinear capacitance, it can increase to 2.4 pF at about 40 dBm (10 W)

output power. This variation in drain-source capacitance value makes the design of the

output matching network more challenging in the class-J PAs.

Targeting 10 W output power delivered to the load from a dc supply voltage VD=28

V, the optimum resistance Ropt presented to the intrinsic drain plane of the transistor is

calculated as 28 Ω from (2.2). In this calculation, the transistor knee voltage is assumed

to be 4.5 V. Therefore, from (2.9), the fundamental impedances presented to the intrinsic

drain plane of the device are varied over a fundamental design space, from 28 + j28 (ideal

class-J mode) through 28 + j0 (ideal class-B mode) to 28 - j28 (ideal class-J* mode). The

second-harmonic impedances from (2.10) are varied over the second-harmonic design space
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from 0 - j32.8 (ideal class-J mode) through 0 (ideal class-B mode) to 0 + j32.8 (ideal class-J*

mode).

The external output matching network is shown in Fig. 3.42. This structure along with

the device extrinsic and intrinsic parameters is found to provide the broadband fundamental

and second-harmonic load terminations, enabling realization of a class-J PA for the broad-

band operation. The amplifier is biased through an inductor Lc=10 nH, which is part of

the output matching network. Series capacitor Cdc=20 pF blocks the dc path to the ground

at the amplifier output. Parallel resonator Cr=1.8 pF, Lr=2.5 nH with LC network Lo=1.4

nH, Co=0.9 pF are used in the output matching network to provide the impedances from

class-J design spaces to the transistor intrinsic drain plane. The external matching network

is designed using real models provided by AVX and Coilcraft Inc. for the lumped capacitors

and inductors, respectively. While obtaining the values of these components constituting the

matching network, it was determined that when the output matching network is designed

to be tangential to 28 Ω design space, as desired for 40 dBm output power, only the 1.8-2.3

GHz part of the load impedance trajectory was almost located on the design space.

On the other hand, if the matching network is intentionally tuned, slightly closer to the

center of the Smith chart, a wider frequency range, 1.9-2.6 GHz, of the load impedance

could be made tangential to a 31 Ω design space. Since the output power and the optimum

load resistance are inversely proportional, the output power for all impedances on 31 Ω

design space is obtained to be about 39.5 dBm, which is 0.5 dB lower than the expected

40 dBm output power, corresponding to the 28 Ω design space. This 0.5 dB variation at

the output power due to the load match network, presenting 31 Ω instead of 28 Ω design

spaces, is found as a good compromise that allows the wider operating bandwidth of 1.6

GHz to 3 GHz as shown in Fig. 3.43. This figure shows an Agilent’s ADS simulation of the

output matching network including intrinsic and package components of the transistor. The

transistor is biased at gate voltage VG=-3 V, stimulated with input power of 30 dBm and
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Figure 3.43: Impedance trajectory presenting the impedances to the intrinsic drain plane of
the transistor.

stabilized using a parallel RC network with Rs=40 Ω, Cs=4.7 pF.

Performing sourcepull analysis in the circuit with the designed output matching network,

the required source impedances for the frequencies from 1.6 GHz to 3 GHz were obtained.

These impedances were first translated to Zin=27 Ω and then through a three stage series

transmission line transformer, Zin was converted to 50 Ω. The amplifier was designed on

RO4003C substrate from Rogers Inc. with εr=3.55, H=20 mil and tan δ=0.002.

The simulated PA performance is shown in Fig. 3.44. Even with a slightly expanded

operating frequency, the amplifier achieved a broadband performance over a 1.5 GHz band-

width. As can be seen, power added efficiency varied from 57% to 67%, whereas the drain

efficiency varied from 60% to 75% from 1.5 GHz to 3 GHz frequency range. In the same

range, an output power and gain of almost 40 dBm and 10 dB, respectively, were achieved.

The output power and gain varied from 39.5-40.5 dBm and 9.5-10.5 dB, respectively, over a

1.5 GHz frequency bandwidth.

For all integrated and discrete broadband class-B/J power amplifiers, shown in this chap-

ter, a wide range of voltage waveforms/fundamental load terminations existed when the ac-
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Figure 3.44: Broadband simulation of class-J PA performance: drain efficiency, Power Added
Efficiency (PAE) and output power and gain.

tive devices in those amplifiers are biased in class-B mode to generate half-rectified sinusoidal

current waveforms. Such voltage and current waveforms create a continuous presentation of

the load impedances from fundamental and harmonic design spaces, which leads to design

broadband amplifiers. An investigation into the existence of such impedance design spaces

when the transistor is biased in class-C mode, i.e. Vgs < Vpinch−off , is the subject of the next

chapter in this thesis.
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Chapter 4

Extension of the continuous-mode to lower gate-source

voltages and its applications

4.1 Introduction

For modulated signals with a high PAPR, the transmitter has to be operated with its av-

erage output power backed-off for an acceptable linearity at the expense of low efficiency.

To achieve high efficiency and high linearity at the same time, both an efficiency enhance-

ment technique and a linearization technique should be utilized. A powerful and reliable

linearization technique, digital predistortion (DPD), is currently the most favored method

for the linearization of base station amplifiers [57–59]. On the other hand, possible efficiency

enhancement techniques are the hybrid EER/ET and the Doherty techniques [60].

In the hybrid EER/ET transmitter, as shown in Fig. 4.1, the PA is driven to the

saturated state by the modulated input signal, and the drain bias of the PA is modulated by

Figure 4.1: Hybrid envelope elimination and restoration/envelope tracking transmitter
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Figure 4.2: Doherty power amplifier configuration.

an optimized envelope signal through an efficient bias modulator. Because the PA operates

in saturation at all output power levels, highly efficient operation can be expected. The

amplitude is then recovered through bias adaptation, while the phase information of the

input signal is left intact under the condition that the saturated PA generates a constant

phase delay. Therefore, the hybrid EER/ET transmitter can, theoretically, have excellent

efficiency and linearity along with a high output power capability. But, its performance

is limited due to the difficulty of building a bias modulator with high efficiency and wide

bandwidth and due to the nonconstant delay from the PA with drain bias adaptation.

The Doherty PA, as shown in Fig. 4.2, is also an effective efficiency enhancement tech-

nique. It uses separate carrier (biased in class-AB or ”deep” class-AB) and peaking (biased

in class-C) PAs. Only the carrier PA is turned on during low-power operation, while the

two PAs are turned on at high power, thereby enhancing the efficiency. However, the Do-

herty technique is not an optimal tool for the efficient amplification of a high PAPR signal

because a non-optimal efficiency region exists due to operation in the unsaturated region of

the carrier and peaking PAs [61–63]. Doherty PAs suffer from the bandwidth limitation due

to employing the inherently narrowband output combing network. In spite of this imper-

fection, the Doherty PA has been reported to deliver considerably high efficiency because of

its advanced design with a simple structure. Accordingly, the Doherty PA has experienced
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widespread acceptance in the marketplace in recent years [64].

Additionally, RRS based on technologies such as SDR and CR, tend to use multi stan-

dards and multi-frequency bands, such as WiMAX and LTE [65], which are increasingly

co-designed on single hardware platforms [66, 67]. These platforms need broadband high

efficiency PAs that would mitigate the need for multiple amplifiers inside of such systems,

thus saving the development costs and speeding up the implementation cycles.

So far the studied continuous-mode power amplifier concept in this thesis is able to

extend the fundamental and harmonics optimum load conditions from a single load to a

specific ”design space”, while maintaining the required power amplifier characteristics across

a significant frequency range. The continuous-mode concept has been extended to class-B,

class-F, class-F−1 and class-E modes, which are typically biased in class-B mode or very

close to class-B (”deep” class-AB mode). Thus, the transistor gate-source voltages in these

amplifiers are mostly set to the pinch-off voltage or slightly higher than that. These amplifiers

are ideally suitable to be used as the carrier amplifier in Doherty or any load-modulated

configuration that requires a broadband amplifier biased on class-B or ”deep” class-AB

modes.

The main goal of this chapter is to focus on extending the continuous-mode concept to

the transistors working at gate-source voltages lower than the pinch-off voltage by proposing

the new continuous class-C mode of operation. This can be an alternative to a broadband

peaking amplifier in Doherty or any load-modulated configuration that needs such broadband

amplifiers biased below the transistor pinch-off voltage. Section 4.2 and its subsections

present an application of the recently developed continuous-mode concept in the power

amplifiers to the class-C mode of operation and demonstrates how the continuous class-C

mode can deliver theoretically equal output power and efficiency for a set of fundamental and

second-harmonic load impedances across specific design spaces. A new detailed theoretical

analysis in two low- and high- power continuous class-C modes are presented and the concepts
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are experimentally verified on an integrated stabilized GaN MMIC transistor through the

developed on-wafer loadpull measurement setup. Simulation examples of the designed GaN

MMIC low- and high-power continuous class-C PAs along with a continuous class-B (class-

J) PA are given to validate the proposed concept on actual power amplifiers. The MMICs

are designed using the available measured models of the on-chip components in the library

provided by the foundry.

4.2 Harmonically-tuned continuous class-C operation mode

This section presents the proposed broadband class-C mode of operation [68] ( c© 2014

IEEE), termed the ”continuous class-C” mode, which is an extension of a standard class-C

design, but with the optimum fundamental and second-harmonic terminations now form-

ing a continuous arrangement of load impedances on the Smith chart. With the generic

drain-current waveform depending on the amplifier conduction angle, and by using the well-

established class-J mode (continuous class-B mode) voltage waveforms, a set of closed-form

equations for the fundamental and second-harmonic impedances are derived. This provides a

wide impedance design space to realize broadband class-C PAs with constant output power,

gain and efficiency over a significant bandwidth. The continuous class-C mode is subdivided

into low- and high-power modes for which load impedance, output power and drain efficiency

ratios are found and compared to those of the continuous class-B. New design spaces are

graphically shown for both class-C modes. The proposed continuous class-C concepts are

validated experimentally with on-wafer loadpull measurements of an integrated 8×50 µm,

1 W, 20 V GaN MMIC transistor. The proposed theory is also applied in simulations of

power amplifiers operating in continuous class-B and continuous class-C modes.
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4.2.1 Theoretical low power and high power continuous class-C modes

In PA classes-A, B and C, the transistor operates as a transconductor. The transistor

intrinsic drain current, id(θ), can be modeled as a superposition of a positive portion of a

cosine wave and a dc bias current. The current expression and its dc, fundamental and

second-harmonic components as functions of the conduction angle are rewritten to develop

the continuous class-C theory in this section:

id(θ) =


Imax

1− cos(θc/2)
[cos(θ)− cos(θc/2)] ; −θc/2 ≤ θ ≤ θc/2

0 otherwise

(4.1)

Idc =
Imax[2 sin(θc/2)− θc cos(θc/2)]

2π[1− cos(θc/2)]
, (4.2)

i1 =
Imax[θc − sin(θc)

2π[1− cos(θc/2)]
, (4.3)

i2 =
Imax

3π[1− cos(θc/2)]

[
cos(θc/2) sin(θc)− 2 cos(θc) sin(θc/2)

]
. (4.4)

In continuum class-B to class-J operation mode, the intrinsic drain voltage waveform is

defined by (4.5), which has been introduced in [12]:

vd(θ) = VK + (Vdc − VK)(1− cos(θ))(1 + γ sin(θ)), (4.5)

where Vdc and VK are dc supply and transistor knee voltages, respectively. The variable γ

is a parameter, which is varied over the range of −1 ≤ γ ≤ 1 to keep the drain voltage

above VK to avoid the voltage excursion into the knee region, causing the nonlinear drain

current waveform and resulting in poor linearity. The intrinsic ideal drain current and voltage

waveforms from (4.1) and (4.5), normalized to Vdc and Imax, respectively, are shown in Fig.
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Figure 4.3: Ideal intrinsic drain voltage (VK=0, γ=1) and current waveforms for classes AB
(θc=4π/3), B (θc=π) and C (θc=2π/3) normalized to Vdc and Imax respectively. Input power
is adjusted to keep Imax the same for the three classes.

4.3. For simplicity of illustration, the knee voltage is assumed to be zero. The voltage

waveform is plotted for γ=1 and the current waveforms are obtained with three different

conduction angles, θc=4π/3 (class-AB mode), θc=π (class-B mode) and θc=2π/3 (class-C

mode), respectively. In this plot, it is assumed that the input power for different conduction

angles is adjusted to produce the equal maximum drain current Imax. As can be seen, for

all classes, the reactive part in the fundamental and second-harmonic voltage components

manifest themselves as both 45 ◦ shift between the current and voltage waveforms and as an

increase in the maximum drain voltage to nearly 3Vdc.

From Fig. 4.3, it is clear that moving from class-AB mode through class-B mode towards

class-C mode reduces the overlap between voltage and current waveforms. The reduction in

the overlap leads to an increase in the efficiency.

In order to study the continuous class-C mode, we investigate two case studies and

compare them in terms of the design space, output power and drain efficiency with the
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Figure 4.4: Gate-source voltage waveforms for class-B, LPC and HPC modes.

continuous class-B mode. In the first case, named low power continuous class-C mode (LPC

in this thesis), the transistor is biased in class-C mode with the input power equal to that of

a transistor biased in the class-B mode. In the second case, named high-power continuous

class-C mode (HPC in this thesis), the transistor biased in class-C mode is driven with higher

input power to achieve equal saturated drain current as in class-B mode.

The gate-source waveforms for these two class-C modes along with the reference class-B

mode are shown in Fig. 4.4. The gate-source bias voltage in the LPC and HPC modes and

the maximum drain current in the LPC mode are represented by VC0 and IC−L, respectively.

VP and Vφ are transistor pinch-off and maximum gate-source voltages, respectively.

Before explaining the LPC and HPC modes and their applications, it is worth noting

that the theory is applied to a single transistor with a specific periphery and maximum

achievable drain current Imax, which can generate maximum output power in the maximum

drain current.
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Low power continuous class-C mode (LPC mode)

In general, the instantaneous gate-source and bias voltage expressions in the LPC mode

can be written as:

vgs(θ) = (Vφ − VP ) cos(θ) + VC0, (4.6)

where the bias voltage VC0 is calculated from (4.7):

VC0 = VP −
cos(θc/2)

1− cos(θc/2)
(Vφ − VP ). (4.7)

When the same input power is applied to both low-power continuous class-C and class-B

power amplifiers, the ratio of their maximum achievable drain current is calculated as:

IC−L
Imax

=
1− 2 cos(θc/2)

1− cos(θc/2)
. (4.8)

Equation (4.8) shows that the feasible conduction angles, which can generate a non-zero

drain current IC−L in the LPC mode vary in the range of θc ∈ [2π/3, π]. In this case, with

lower conduction angles than 2π/3, the transistor is no longer turned ON and no power is

delivered to the output load and the efficiency drops dramatically.

Since, in the LPC mode, the input power is lower than the required input power to

generate the transistor maximum drain current Imax, the maximum transistor current IC−L,

which is related to Imax through (4.8), must be considered in (4.2)-(4.4). Knowing the

relation between maximum drain current in the LPC mode and the transistor maximum

achievable current, i.e. IC−L and Imax, the theoretical fundamental output power delivered

to the optimum load as a function of the conduction angle in the LPC mode is derived as:

Pd1 = −1

2
Re[V̄1 · Ī1

∗
] = (Vdc − VK)Imax/4×KPd1

|LPC , (4.9)

where

KPd1
|LPC=

[θ − sin(θc)][1− 2 cos(θc/2)]

π(1− cos(θc/2))2
, (4.10)

and Ī1
∗

and V̄1 denote the fundamental conjugate drain current and voltage phasors, which

are obtained from (4.3) and (4.5), respectively. From (4.9), the drain efficiency, ηd = Pd1/Pdc
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as a function of the conduction angle is calculated and given by (4.11):

ηd =
π

4

(
1− VK

Vdc

)
×Kηd |LPC , (4.11)

where

Kηd |LPC=
2[θ − sin(θc)]

π[2 sin(θc/2)− θc cos(θc/2)]
. (4.12)

The right sides of the equalities in (4.9) and (4.11) are deliberately split into the product

of two terms, where the first terms determine the output power in (4.9) and the drain

efficiency in (4.11) for all impedances located on the continuous class-B design spaces. The

second terms of the products in (4.9) and (4.11) are indicated by KPd1
|LPC and Kηd |LPC , as

the output power and drain efficiency ratios relating the two continuous-modes of class-B to

LPC. The separation of (4.9) and (4.11) into two terms makes the comparison of the output

power and drain efficiency variations more intuitive in the LPC mode with respect to the

continuous class-B mode.

Based on the current and voltage expressions (4.3) to (4.5) and the current ratio (4.8),

closed-form equations for the intrinsic fundamental and second-harmonic impedances pre-

sented to the transistor current source are derived as follows:

Zf0 =
(Vdc − VK)(1 + jγ)

IC−L[θ − sin(θc)]

2π[1− cos(θc/2)]

= (Ropt−B + jγRopt−B)×KZf0
|LPC , (4.13)

where

KZf0
|LPC=

π(1− cos(θc/2))2

[θ − sin(θc)][1− 2 cos(θc/2)]
, (4.14)

and

Z2f0 = (−j3π/8γRopt−B)×KZ2f0
|LPC , (4.15)

where

KZ2f0
|LPC=

2(1− cos(θc/2))2

[cos(θc/2) sin(θc)− 2 cos(θc) sin(θc/2)][1− 2 cos(θc/2)]
. (4.16)

In (4.13) and (4.15), the first parentheses represent the continuous class-B mode funda-

mental and second-harmonic impedances, where Ropt |B=2(Vdc-VK)/Imax is the class-B mode
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Figure 4.5: Fundamental and second-harmonic design space movement from continuous class-
B mode to LPC mode with θc=145 ◦.

optimum load for the maximum output voltage swing. Note that, in the continuous class-B

mode, the imaginary parts of the fundamental and second-harmonic impedances are propor-

tionally related by a ratio of 3π/8≈1.17. The second terms of the products in (4.13) and

(4.15) are indicated by KZf0
|LPC and KZ2f0

|LPC as the fundamental and second-harmonic

impedance ratios relating the two continuous-modes of the LPC to the class-B. Varying the

parameter γ in (4.13) and (4.15) yields the new fundamental and second-harmonic impedance

design spaces for the LPC mode. Fig. 4.5 shows an example of such new design spaces with

conduction angle θc=145 ◦. In this example, the real part of the fundamental impedances on

the continuous class-B mode design space is assumed to be Ropt |B=18 Ω, whereas, based

on the above theory, the real part of the LPC mode fundamental impedances is obtained as

Ropt |LPC=36 Ω.

As can be seen in Fig. 4.5, from continuous class-B mode to the LPC mode, the funda-

mental and second-harmonic impedance loci are shifted to the right side and expanded on

the edge of the Smith chart, respectively. The ratios of the impedances in two classes as func-

tions of the conduction angle are demonstrated in Fig. 4.6. It is noted that the impedance
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Figure 4.6: Fundamental and second-harmonic impedance, output power and the drain
efficiency ratios in LPC mode to the continuous class-B mode.

ratios shown in Fig. 4.6 can be applied for both the real and imaginary parts of the funda-

mental and second-harmonic impedances. From this figure, with higher conduction angles

than roughly 160 ◦ , the impedance ratios are almost unity, whereas with lower conduction

angles, those ratios start to increase and theoretically reach infinity when θc=120 ◦.

In addition, Fig. 4.6 shows the variations of the output power and the drain efficiency in

the LPC mode to the continuous class-B mode as functions of the conduction angle. As the

conduction angle decreases from class-B mode (θc=180 ◦) to class-C mode and deep class-

C mode, the output power ratio dramatically decreases to zero (device OFF), whereas the

drain efficiency ratio keeps almost constant and slightly increases as the conduction angle

approaches θc=120 ◦.

High power continuous class-C mode (HPC mode)

As shown in Fig. 4.4, the high power continuous class-C amplifier is derived to achieve

the same maximum drain current as in the continuous class-B amplifier, i.e. Imax. For the
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amplifier, biased with a dc voltage VC0 and the maximum input voltage amplitude of Vφ-VC0

, the gate-source voltage waveform expression is written as:

vgs(θ) = (Vφ − VC0) cos(θ) + VC0. (4.17)

Comparing the gate-source voltage amplitudes in (4.6) and (4.17) and substituting VC0

from (4.7), the extra input power, relative to the input power in the LPC mode, which

generates the maximum drain current of Imax in the HPC mode as function of the conduction

angle is obtained as:

Padditive = 20 log
1

1− cos(θc/2)
. (4.18)

Having the same maximum drain current as class-B mode, the theoretical fundamental

output power delivered to the optimum load and the drain efficiency are derived from (4.2),

(4.3) and (4.5) as:

Pd1 =
(Vdc − VK)Imax

4
×KPd1

|HPC , (4.19)

where

KPd1
|HPC=

θc − sin(θc)

π[1− cos(θc/2)]
, (4.20)

ηd =
π

4

(
1− VK

Vdc

)
×Kηd |HPC , (4.21)

where

Kηd |HPC=
2[θ − sin(θc)]

π[2 sin(θc/2)− θc cos(θc/2)]
. (4.22)

Similarly to (4.9) and (4.11), the first product terms in (4.19) and (4.21) are the maximum

delivered output power and the drain efficiency for all impedances located on the continuous

class-B mode impedance locus. Using (4.3)-(4.5), the fundamental and second-harmonic

impedances in the HPC mode are derived and given by (4.23) and (4.25):

Zf0 = (Ropt−B + jγRopt−B)×KZf0
|HPC , (4.23)
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Figure 4.7: Fundamental and second-harmonic impedance, output power and the drain
efficiency ratios in HPC mode to the continuous class-B mode.

where

KZf0
|HPC=

π[1− cos(θc/2)]

[θc − sin(θc)]
, (4.24)

and

Z2f0 = (−j3π/8γRopt−B)×KZ2f0
|HPC , (4.25)

where

KZ2f0
|HPC=

2[1− cos(θc/2)]

[cos(θc/2) sin(θc)− 2 cos(θc) sin(θc/2)][1− 2 cos(θc/2)]
. (4.26)

The ratios of the impedances, output power and the drain efficiency in the HPC mode

to the continuous class-B mode as functions of the conduction angle are illustrated in Fig.

4.7. From this figure, similar to the LPC mode in Fig. 4.6, the fundamental impedance

ratio in the HPC mode to the continuous class-B mode tends to rise as the amplifier is

biased in class-C mode. But, the second-harmonic impedance ratio, first decreases until the

conduction angle reaches around 65 ◦ and then starts to increase.

Similarly to the LPC mode, in the HPC mode, the output power reduces and the drain

efficiency increases as the conduction angle moves to the deep class-C mode .
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Table 4.1: Theoretical impedance, output power and drain efficiency ratios
in HPC and LPC modes to the continuous class B for θc=145 ◦.

Ratios
LPC to HPC to

Continuous B Continuous B

Fundamental impedance, KZf0
2 1.1

2nd Harm. impedance, KZ2f0
1.5 0.8

Output power, KPd1
0.51 (-2.9 dB) 0.89 (-0.5 dB)

Drain Efficiency, Kηd 1.1 1.1

Comparison of Figs. 4.6 and 4.7 shows that the impedance variation ratios are lower

in the HPC mode than the LPC mode. For instance, as shown in Fig. 4.6 for θc=145 ◦,

the ratios of the fundamental and second-harmonic impedances in the LPC mode to the

continuous class B mode are 2 and 1.5 respectively, whereas these ratios in Fig. 4.7 for the

same conduction angle decrease to 1.1 and 0.8 in the HPC mode.

Table 4.1 shows the comparison results of the two modes with respect to the continuous

class-B mode. Although the drain efficiency ratios in both cases to the continuous class-B

mode are nearly equal to 1.1, the output power degradation in the LPC mode is much higher

than in the HPC mode as shown in Table 4.1.

Fig. 4.8 illustrates the fundamental and second-harmonic impedance loci for the continu-

ous class-B mode with Re(ZB)=18 Ω, LPC mode with Re(ZLPC)=36 Ω and HPC mode with

Re(ZHPC)=19.8 Ω, respectively. The conduction angles in both class-C modes are identical

and θc=145 ◦. It is noted from Fig. 4.8 that for a single transistor operating in the contin-

uous class-B mode, decreasing only the gate bias voltage, thus consequently decreasing the

conduction angle, moves the fundamental impedance locus to the right side of the Smith

chart and generates an LPC mode impedance locus, where it is obtained through calculating

the impedance ratio from Fig. 4.6. Injecting more input power to the transistor, determined

from (4.18), generates the maximum achievable drain current, increases the output power

103



Figure 4.8: Fundamental and 2nd harmonic impedance loci movement from continuous
class-B mode, Re(ZB)=18 Ω to LPC mode, Re(ZLPC)=36 Ω and farther to HPC mode,
Re(ZHPC)=19.8 Ω with conduction angle θc=145 ◦.

and moves the fundamental impedance locus from the LPC mode to the HPC mode, where

from Fig. 4.8, it is located in the vicinity of the original continuous class-B mode. From

Fig. 4.8, the second-harmonic impedance locus is expanded from the continuous class-B

mode toward the LPC mode, while it is slightly compressed in the HPC mode compared to

the continuous class-B mode, whereas the extreme points are located near the continuous

class-B mode second-harmonic extreme impedance points.

As another example of operation with lower conduction angles of continuous class-C

mode, the fundamental and second-harmonic impedance loci for θc=120 ◦ are also calculated.

The new impedance loci along with the continuous class-B mode and HPC loci with θc=145 ◦

are shown in Fig. 4.9. From this figure, moving from continuous class-B mode through

HPC mode with θc=145 ◦ to the HPC mode with θc=120 ◦ increases the real part of the

fundamental impedance locus from 18 Ω to 20.2 Ω to 23 Ω, respectively.

Since the output power and the real part of the fundamental impedance are inversely

proportional, the output power degradation from continuous class-B mode through HPC
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Figure 4.9: Fundamental and 2nd harmonic impedance loci in continuous class-B mode,
Re(ZB)=18 Ω and HPC modes, Re(ZHPC)=20.2 Ω and Re(ZHPC)=23 Ω with conduction
angles θc=145 ◦ and θc=120 ◦, respectively.

mode with θc=145 ◦ to the HPC mode with θc=120 ◦ are calculated as 0.5 dB and 1 dB,

respectively. For the same device, the power degradation from class-B mode to the HPC

mode can be remedied by increasing the drain bias voltage. This solution moves the HPC

mode fundamental impedance locus further to the right side of the Smith chart.

4.2.2 Theory validation through the on-wafer loadpull measurement of a GaN

MMIC transistor

To verify the proposed LPC and HPC concepts and to validate the new fundamental and

second-harmonic design spaces, we used the same on-chip stabilized GaN MMIC transistor

and on-wafer loadpull setup, shown in Figs. 3.16 and 3.17.

The drain supply voltage is Vdc=20 V and the transistor knee voltage and the maximum

current are measured as 3 V and 265 mA, respectively. According to the theory of class-B

and J modes, the optimum resistance and maximum achievable output power are calculated
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as 128 Ω and 30.5 dBm. The maximum output power is achieved when the transistor is

stimulated by a 19 dBm CW input signal.

Fig. 4.10 shows the optimum fundamental and second-harmonic load impedances in the

continuous class-B, LPC and HPC modes with conduction angle θc=145 ◦ obtained from

on-wafer loadpull measurements at 2.5 GHz. The conduction angle is limited by the max-

imum impedance of 617 Ω that our loadpull system can measure. Therefore, we selected

the conduction angle θc=145 ◦ in the class-C mode that made Ropt |LPC far from this mea-

surement limitation. The theoretical LPC and HPC modes fundamental impedance loci,

obtained from (4.13) and (4.23), along with the theoretical continuous class-B mode are also

demonstrated by dotted points in Fig. 4.10. The real parts of the theoretical fundamental

impedance loci are 128 Ω, 250 Ω and 140 Ω in the continuous class-B, LPC and HPC modes,

Figure 4.10: Measured optimal fundamental and second-harmonic load impedances at 2.5
GHz, derived from on-wafer loadpull at the transistor drain reference plane in the continuous
class-B mode (empty symbols), LPC mode (fully-filled symbols) and HPC mode (half-filled
symbols) with conduction angle θc=145 ◦. Dotted points, from left to right, show the theo-
retical continuous class-B, HPC and LPC modes fundamental design spaces, respectively.
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respectively.

From the foundry information, the transistor intrinsic drain-source and the parasitic drain

capacitances are 76 fF and 10 fF, respectively. The length of the line to connect the drain

terminal to GSG pad at RFout port is 0.4 degree.

Therefore, the effect of those capacitances and the line at the frequency of measurement

is negligible and the measured impedances can be considered as the intrinsic impedances

presented to the current source of the transistor. Using the procedure described in subsec-

tion 4.2.3, the second-harmonic impedance points are varied in every single mode for three

different impedance points across the edge of the Smith chart followed by the fundamental

loadpull measurements for each point. Although we tried to use short and low-loss coaxial

cables to connect tuners to the probes, the cables and their connections slightly decrease the

Table 4.2: Measured loadpull results for integrated GaN MMIC
transistor at 2.5 GHz. These results are illustrated in Fig. 4.10.

F
re

q
.=

2.
5

G
H

z RF characteristics represented RF characteristics represented RF characteristics represented

by empty, fully-filled and by empty, fully-filled and by empty, fully-filled and

half-filled circle symbols half-filled triangle symbols half-filled square symbols

Class-J LPC HPC Class-J LPC HPC Class-J LPC HPC

θc
◦ 180 145 145 180 145 145 180 145 145

Vgs -4.2 -6.35 -6.35 -4.2 -6.35 -6.35 -4.2 -6.35 -6.35

Zf0 127+j5 280+j13 141+j6 122+j18 290+j54 138+j21 121+j35 286+j84 140+j39

Z2f0 j0 j0 j0 -j20 -j30 -j16 -j40 -j60 -j32

Pin
19 19 22.1 19 19 22.1 19 19 22.1

(dBm)

Pout
30

M.=26.8 M.=29.3
30.1

M.=26.8 M.=29.3
30

M.=27 M.=29.2

(dBm) T.=27.1 T.=29.5 T.=27.2 T.=29.6 T.=27.1 T.=29.5

ηd
57

M.=61.9 M.=59
56.4

M.=61 M.=59.5
58

M.=63.8 M.=60.5

(%) T.=62.7 T.=62.7 T.=62 T.=62 T.=63.8 T.=63.8
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second-harmonic reflection coefficient magnitude to about 0.95, as seen in Fig. 4.10.

Table 4.2 provides the measured fundamental, second-harmonic impedance as well as

the input/output powers and the efficiency values for three different points on continuous

class-B, LPC and HPC modes design spaces. The points are shown by square, triangle and

circle symbols, where the symbols are empty in the continuous class-B mode, fully-filled in

the LPC mode and half-filled in the HPC mode, respectively. In this table, measured and

theoretical output power and drain efficiency results are presented by M. and T.

4.2.3 On-wafer loadpull result analysis

The on-wafer loadpull measurement in every operation mode is performed at the funda-

mental frequency for the selected and imposed second-harmonic load impedance as indicated

in Table 4.2. First, for the continuous class-B mode, the second-harmonic load impedance is

adjusted concurrently with the fundamental load impedance, obtained from the loadpull, to

achieve the maximum output power. For the other modes, after adjusting the transistor gate

bias voltage to operate in class-C mode and also adjusting the input power in the HPC mode,

the theoretical second-harmonic load impedance is selected from Figs. 4.6 and 4.7 with the

given conduction angle. Then, the fundamental impedance loadpulling is conducted in both

class-C modes to achieve the maximum output power. During the loadpull measurement,

as the theoretical analysis assumes in subsection 4.2.1, the third-harmonic load impedance

for all three modes is shorted to ground through the third-harmonic resonator, which is a

part of the load tuner system. The following paragraphs discuss the measurement procedure

and the consistency between the measured and the expected theoretical values provided in

subsection 4.2.1.

I. Continuous class-B mode measurements

Imposing the second-harmonic impedance to be located on short on the Smith chart at 2.5
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GHz (black empty circle in the second-harmonic region), the fundamental impedance loadpull

measurement in the continuous class-B mode (θc=180 ◦,Vgs=Vpinch−off=-4.2 V) results in the

optimum load impedance of 127 + j5 Ω, which is located close to the theoretical continuous

class-B mode impedance locus (left dotted curve in Fig. 4.10). The measured drain efficiency

and output power for this particular fundamental impedance point are 57% and 30 dBm,

respectively. Moving the second-harmonic load impedance down to -j20 Ω and -j40 Ω (red

empty triangle and blue empty square in the second-harmonic region, respectively) and

repeating the fundamental impedance loadpull measurements, the optimum load impedances

are accordingly moving up, as is expected from the continuous class-B mode theory. The

measured fundamental impedances and the RF characteristics are shown in Fig. 4.10 (by the

same empty symbols as their corresponding second-harmonic) and Table 4.2, respectively.

As noted, the RF characteristics are equivalent for all three measured load impedance points

and are located almost on the theoretical fundamental load impedance locus.

II. LPC mode measurements

Keeping the input power constant and moving towards lower conduction angles and gate

voltages (θc=145 ◦,Vgs=-6.35 V), the transistor is forced to operate in the LPC mode. From

Fig. 4.6, with the new conduction angle, the theoretical fundamental and second-harmonic

impedance ratios as well as the output power and the drain efficiency ratios for the LPC mode

with respect to the continuous class-B mode, are obtained as KZf0
|LPC=2, KZ2f0

|LPC=1.5,

KPd1
|LPC=0.51 (-2.9 dB) and Kηd |LPC=1.1, respectively. Multiplying KZ2f0

|LPC by the

previous continuous class-B second-harmonic impedances and imposing them as the second-

harmonic impedances for the LPC mode, the fundamental impedance loadpull measurements

are performed and the results are shown in Fig. 4.10 (by fully-filled symbols) and Table 4.2,

respectively. Measured output power reductions are slightly higher than the theoretical value

of 2.9 dB. As expected from subsection 4.2.1, the drain efficiencies slightly increase in all
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three measurements in the LPC mode.

III. HPC mode measurements

Keeping the conduction angle and the gate voltage constant and adding 3.1 dB more

input power with the conduction angle of θc=145 ◦ calculated from (4.18), the transistor is

forced to operate in the HPC mode. From Fig. 4.7, for θc=145 ◦, the theoretical fundamental

and second-harmonic impedance ratios as well as the output power and the drain efficiency

ratios are obtained as KZf0
|HPC=1.1, KZ2f0

|HPC=0.8, KPd1
|HPC=0.89 (-0.5 dB) and

Kηd |HPC=1.1, respectively. Multiplying KZ2f0
|HPC by the second-harmonic impedances of

the continuous class-B mode and performing the fundamental impedance loadpull measure-

ments, the optimum impedances and the RF characteristics are obtained and shown in Fig.

4.10 (by half-filled symbols) and Table 4.2, respectively. According to Table 4.2 in the HPC

mode, the fundamental impedance ratio is close to the theoretical value of KZf0
|HPC=1.1.

The average output power reduction and the drain efficiency increment ratio are almost 0.7

dB and 1.04, respectively, which are close to the expected theoretical values from subsection

4.2.1.

In the above measurements, the slight deviations between the measured and theoretical

results are due to the imperfections in the measurement setup and also the effect of the non-

linear drain-source capacitance and the other intrinsic parasitics, which are not considered

in the theoretical derivations.

This serves as a demonstration of the feasibility of applying the continuous-mode concept

to a transistor biased in class-C mode for broadband power amplifier design. Aside from the

bandwidth, there are two other advantages in the proposed continuous class-C modes:

A) Use of the continuous class-B mode output matching in the HPC mode

Fig. 4.7 shows that for θc > 140 ◦ in the HPC mode, the fundamental impedance ratio
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KZf0
|HPC remains lower than 1.1 with respect to the continuous class-B mode. Therefore,

by adjusting the gate bias voltage and the input power to the values obtained from (4.7)

and (4.18) for the class-C mode, the corresponding fundamental impedance loci with those

conduction angles are still located in the vicinity of the original continuous class-B mode

impedance locus. This implies that, for θc > 140 ◦, another new matching network design

for the HPC mode is no longer required if a continuous class-B amplifier has been already

designed for the specific output power and the drain efficiency. This can be economically

beneficial to use the same circuit in two distinct modes and saves time and budget to design

another new circuit. The only drawback of this feature is small inevitable output power

loss and efficiency degradation due to a slight shift between the continuous class-B mode

and HPC mode fundamental impedance loci when the same active device is used in both

modes. This degradation in the HPC mode can be worse with lower conduction angles, i.e.

θc < 140 ◦. Therefore, the PA mode is only dependent on the gate bias voltage and the input

stimulus power, which has to increase to operate in high-power class-C mode. This will be

verified in the next section by designing a continuous class-B amplifier and then changing

the operating mode to the HPC with the conduction angle θc=145 ◦.

B) Ease of output matching design in LPC mode

From Figs. 4.7 and 4.9, as the conduction angle decreases towards the class-C mode,

the fundamental impedance ratio KZf0
|LPC increases and the fundamental impedance locus

is moved from its original continuous class-B mode towards the center of the Smith chart

in the LPC mode. Therefore, the impedance transformation ratio decreases, which eases

the design of the output matching network with respect to its class-B mode counterpart.

In addition, lower impedance transformation ratio contributes to the design of the output

matching network with lower insertion loss and broader bandwidth. An example of an

amplifier operating in LPC mode will be presented in the next section.
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Figure 4.11: Schematic of the simulated continuous class-B power amplifier (Circuit 1 ).

4.2.4 Design Examples

The proposed theory, discussed in subsection 4.2.1, of designing broadband continuous

class-C PAs is investigated with designs of two distinct continuous-mode power amplifiers

in this section. First, we design a continuous class-B amplifier and simulate its RF char-

acteristics in the class-B and HPC modes with conduction angle θc=145 ◦ to validate our

findings in subsection 4.2.3A. By changing the output matching network, we then design

another amplifier operating in LPC mode with the same conduction angle as the HPC PA

to demonstrate its broadband operation.

A) Circuit 1: Continuous class-B and HPC modes

Using the nonlinear model, supplied by the GaN MMIC transistor foundry, a continuous

class-B power amplifier is designed. The PA schematic is shown in Fig. 4.11. The circuit

targeted the frequency range of 1.5-2.5 GHz.

The transistor is stabilized using a shunt gate resistance and the input matching network

is designed to provide the fundamental impedances to the stabilized transistor and to achieve

the maximum gain over the design bandwidth. The designed output matching network

presents the fundamental impedances located near the impedance locus Re[Z]=145 Ω, which
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is a compromise between the output power and the drain efficiency. This network provides

the second-harmonic impedances, which are located near the theoretical second-harmonic

impedances for the continuous class-B PA. The gate bias voltage and the stimulus input

power are VG=Vpinch−off=-4.2 V and Pin=18 dBm, respectively.

As the provided transistor model is not valid below gate bias voltages of -6.7 V, cor-

responding to about θc=140 ◦ from (4.7) where Vφ=0.7 V, we choose the conduction angle

θc=145 ◦ corresponding to the gate bias voltage -6.35 V for the class-C simulations in this

section. The slight increase of the conduction angle relative to its lowest value allowed by the

transistor model are deliberate in order to improve the convergence during harmonic balance

simulations in Agilent’s ADS. When the stimulus power is increased by 3.1 dB, as obtained

from (4.18), and the gate bias voltage is set to VG=-6.35 V, the designed continuous class-B

power amplifier is operated in the HPC mode.

B) Circuit 2: LPC mode

The real part of the theoretical fundamental impedance locus, in the GaN transistor used

in subsection 4.2.1, is shifted from 125 Ω in the continuous class-B mode to 250 Ω in the LPC

operating mode with the conduction angle θc=145 ◦. Therefore, the new output matching

network is required to present the proper impedances from the LPC mode design spaces to

the drain of the transistor. Keeping the input matching network from the previous circuit

(Circuit 1 ) and designing the new output matching network, shown in Fig. 4.12, the new

power amplifier circuit is obtained to operate in the LPC mode (Circuit 2 ). The gate bias

voltage is VG=-6.35 V and the circuit is stimulated by the CW signal used in the continuous

class-B PA simulations.

C) Simulation results

The designed continuous class-B power amplifier, Circuit 1, was stimulated by a CW
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Figure 4.12: Schematic of the output matching network for LPC power amplifier (Circuit
2 ).

signal of 18 dBm and the output power and the drain efficiency results are shown in Fig.

4.13. From this figure, in the targeted frequency range of 1.5-2.5 GHz, the continuous class-B

power amplifier delivers output power of 29.3-30.2 dBm (average output power of 29.9 dBm),

whereas the drain efficiency of 55.6%-62.1% (average drain efficiency of 60%) is achieved.

Fig. 4.13 also shows the simulation results of Circuit 1 operating in the HPC mode. Due

Figure 4.13: Simulated output power and drain efficiency as functions of frequency for Circuit
1 operating in: continuous class-B mode (VG=-4.2 V, Pin=18 dBm), HPC mode (θc=145 ◦,
VG=-6.35 V, Pin=21.1 dBm) and Circuit 2 operating in: LPC mode (θc=145 ◦, VG=-6.35 V,
Pin=18 dBm).
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to the vicinity of the fundamental load impedance locus of the HPC mode with θc=145 ◦ to

the continuous class-B mode, Circuit 1 presents broadband characteristics for the output

power and the drain efficiency when operating in the HPC mode. With a maximum of 0.62

dB output power reduction and a drain efficiency enhancement ratio of 1.05 across the design

bandwidth, the validity of our findings, explained in subsection 4.2.1, is verified.

The power amplifier operating in the LPC mode, Circuit 2 with θc=145◦, is also simu-

lated. The gate bias voltage and the stimulus input power for this circuit are VG=-6.35 V

and Pin=18 dBm, respectively. The simulated output power and the drain efficiency results

are presented in Fig. 4.13. As can be seen, the output power varies from 26-27 dBm (aver-

age output power of 26.8 dBm), whereas the drain efficiency of 59.4%-64.4% (average drain

efficiency of 63.3%) is obtained across the design bandwidth. From Fig. 4.13, by comparing

the average output power and the drain efficiency of the continuous class-B PA to that of the

LPC PA with θc=145 ◦, the output power reduction and the drain-efficiency enhancement

ratio of 2.8 dB and 1.06, respectively, are obtained. The theoretical values, from Fig. 4.6,

are calculated as 2.9 dB and 1.1, respectively.

Table 4.3 compares the theoretically predicted output power reductions and the drain-

efficiency enhancement ratios with the values obtained from Circuit 1 and Circuit 2 sim-

ulation operating in the HPC and LPC modes, respectively. The results obtained in the

HPC and LPC modes are compared with the values of the continuous class-B mode. The

comparison is provided for the lowest, middle and the highest frequencies across the de-

sign bandwidth. With slight deviations from the theoretically predicted results, the sim-

ulation results follow the predicted values in subsection 4.2.1. The deviations are due to

the frequency-dependent nonlinear drain-source capacitance and the other model parasitics,

which are not considered in the theoretical derivations as well as non-flat insertion loss of

the output matching networks.

The simulated intrinsic drain current and the voltage waveforms are presented in Fig.
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Table 4.3: Output power reduction and the drain efficiency ratio in
HPC mode (Circuit 1 ) and LPC mode (Circuit 2 ) to the

continuous class-B mode for θc=145 ◦.

Freq. Pout reduction (dB) ηd enhancement ratio

(GHz) Theory Simulation Theory Simulation

H
P

C
to

cl
as

s-
J

1.5 0.5 0.62 1.1 1.02

2 0.5 0.45 1.1 1.02

2.5 0.5 0.31 1.1 1.05

L
P

C
to

cl
as

s-
J

1.5 2.9 3.5 1.1 1.04

2 2.9 3.2 1.1 1.05

2.5 2.9 3 1.1 1.09

Figure 4.14: Simulated intrinsic drain current and voltage waveforms at 2 GHz for Circuit 1
operating in: continuous class-B (VG=-4.2 V, Pin=18 dBm), HPC mode (θc=145 ◦, VG=-6.35
V, Pin=21.1 dBm) and Circuit 2 operating in: LPC mode (θc=145 ◦, VG=-6.35 V, Pin=18
dBm).
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Figure 4.15: Simulated gain, output power and drain-efficiency as functions of the input
power at 2 GHz for Circuit 1 operating in the continuous class-B (class-J) mode.

4.14. The waveforms are obtained at the frequency of 2 GHz. From this figure, and as

theoretically predicted in subsection 4.2.1, the simulated intrinsic drain voltage waveforms

in the LPC and HPC modes are comparable to the drain voltage waveform in the continuous

class-B mode. The maximum drain current in the continuous class-B and HPC modes is

about 240 mA. This value in the LPC mode is almost 150 mA. The ratio of these two currents

from Fig. 4.14 agrees with the value of 0.6 calculated from (4.8) with θc = 145 ◦.

Fig. 4.15 shows the simulated output performance of Circuit 1 in terms of gain, output

power and drain efficiency as a function of the input power at 2 GHz. The circuit is oper-

ating in continuous class-B (class-J) mode. As it can be noted, the output power reaches

a maximum value of around 30 dBm, while the linear gain is around 13 dB, going down

to around 12 dB at the 1-dB compression point, where the maximum efficiency and output

power are revealed. In the input power range of 4-16 dBm, gain increases relative to the

linear part and causes the power amplifier amplitude (AM/AM) distortion.
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In contrast of many power amplifiers with one inflection point in their AM/AM character-

istic, there exist power amplifiers with dual inflection points in their AM/AM characteristic,

such as the simulated GaN MMIC PA characteristic in Fig. 4.15. Chapter 5 discusses the

design methodology of an analog predistorter linearizer to correct this kind of distortion

in the AM/AM characteristics. The linearizer is designed to present the reversed AM/AM

characteristic of the nonlinear power amplifier. It is inserted between the input signal and

the power amplifier to reduce the PA nonlinearity.
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Chapter 5

Analog Predistortion Linearizer

5.1 Introduction

The advent of multiple standards and applications in wireless domains has resulted in high

demand for highly efficient and linear microwave PAs. The PAs should be operated in satura-

tion mode to achieve high efficiency; however, this causes clipping at high input power levels

and results in non-linearity relationship between the amplitude and phase between the input

and output signals. This introduces amplitude (AM/AM) and phase (AM/PM) distortions,

causing nonlinearity in the output of the amplifiers. In addition, the nonlinearity generates

intermodulation distortion (IMD), which causes interference in adjacent channels. To com-

pensate these nonlinear distortions, many linearization techniques have been proposed, such

as feedback, feedforward and predistortion [69].

Of the various linearization techniques that have been developed, Analog Predistortions

(APDs) [70–76] have been widely used in microwave and satellite applications due to their

lower complexity, low implementation cost, wide bandwidth and capability to be added

to the existing amplifiers as a separate stand-alone component. These linearizers, in fact,

are the nonlinear devices that introduce equal and opposite gain and phase distortion at

the input of the PA to correct for the actual encountered distortion in the gain and phase

characteristics of the final output. Several predistortion methods have been proposed using

Schottky diodes [70–75] or FETs [76] as the nonlinear device to produce the anti-phase

inter-modulation distortion.

A linearizer employing a series diode with a parallel capacitor is reported in [70]. This is a

very simple linearizer and utilizes the nonlinearity of the series resistance of the diode, which
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Figure 5.1: (a) Single (b) Dual inflection amplitude characteristics.

produces a characteristic positive gain and negative phase with increasing input power. This

is a miniatured and simple configuration, but requires an additional isolation mechanism

between the linearization circuit and the PA. In addition, this linearizer has very limited

control on the achieved characteristics and thus finds very limited usefulness in practical

applications.

The diode-based linearizer reported in [71] is adaptable and provides control through bias

feed resistance. The AM/AM and AM/PM characteristics of the linearizer can be easily

adjusted by varying the supply voltage and in turn the bias voltage of the diode. However,

this linearizer has complete dependence on the variation of a single design parameter, hence,

the control in the achieved performance is severely limited. Moreover, this method requires

an isolation mechanism between the linearizer and the PA.

The linearizer reported in [75] is an improved diode-based linearizer, which is based

on a parallel diode with bias feed resistance and also incorporates a 90 ◦ hybrid coupler

for isolating the linearizer and the PA. However, this linearizer has very limited control in

achieving the desired characteristics, as it can only be controlled by just one variable, i.e.

the bias voltage of the diode.

On the other hand, based on device technology or special bias conditions, power ampli-

fiers might have single or dual inflection points in their distortion characteristics, as shown in

Fig. 5.1. Linearization of nonlinear power amplifiers with dual inflection points in their char-
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Figure 5.2: Proposed analog predistorter architecture.

acteristics is more complicated than single inflection counterparts and none of the proposed

analog predistortions have studied these kinds of nonlinearities yet.

This chapter presents a comprehensive design approach of a flexible, dual inflection point,

RF, predistortion linearizer along with its complex gain synthesis methodology. The com-

plete theoretical, mathematical and experimental evaluation is presented to demonstrate

the flexible design and operation of the proposed dual-inflection-point linearizer. This lin-

earizer has three degrees of control for achieving the required output characteristics and also

provides the required isolation between the linearization circuit and the PA that is to be

linearized.

5.2 Proposed analog predistorter

The circuit schematic of the proposed [77] ( c© 2011 IEEE) analog predistorter is shown

in Fig. 5.2. There are two linearizer branches connected to through and coupled ports of a

branch-line hybrid coupler. Each linearizer utilizes two Schottky diodes connected in an anti-

parallel configuration to a PIN diode in parallel with them. It will be shown in Section 5.3

that imaginary parts of the admittances in forward and reversed Shottky diodes are declining
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as functions of the input power. Therefore, two λ/4 transmission lines with characteristic

impedance of Zb are used preceding the Schottky diodes to reverse their admittance charac-

teristics and contribute with the PIN diode to synthesize the desired predistorter AM/AM

characteristic. Furthermore, forward Schottky diode admittance is tuned by an adjustable

open stub, connected in parallel to this diode. Each linearizer generates a nonlinear reflection

coefficient, Γ, which relates the input signal, a1, with the output signal, b4, by the following

matrix of the hybrid coupler:

b1

b2

b3

b4


=

1√
2



0 1 −j 0

1 0 0 −j

−j 0 0 1

0 −j 1 0





a1

Γ · b2

Γ · b3

0


, (5.1)

where a2= Γ · b2 and a3= Γ · b3. The above matrix manipulation results in:

b4 = −jΓ · a1. (5.2)

As the input and output powers are represented by |a1|2 and |b4|2 respectively, so the

following relationship of the output power versus the input power can be derived:

Pout = |Γ|2 · Pin. (5.3)

Equation (5.3) shows that the predistorter gain is equal to the squared value of the

reflection coefficient, seen from both linearizer branches.

5.3 Diode behaviors

As the core of the proposed predistorter is the combination of the Schottky and PIN

diodes network, hence, the analyses of their characteristics as functions of the input power

for different bias voltages are essential to select proper bias points to generate the desired

reflection coefficient and predistorter gain characteristic. These analyses are conducted at

2.14 GHz and discussed as follow:
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Figure 5.3: Schottky diode linear circuit model.

5.3.1 Schottky diodes

The Schottky diode used in the predistorter is an HSMS-2820 device from Avago Tech-

nologies. The HSMS-282x series of diodes is widely used for many applications, featuring

low series resistance, low forward voltage at all current levels and good RF characteristics in

general.

The linear equivalent circuit model of the Schottky diode is shown in Fig. 5.3. RS is the

parasitic series resistance of the diode, the sum of the wirebond and leadframe resistance,

the resistance of the bulk layer of silicon, etc. Cj is the parasitic junction capacitance of the

diode, controlled by the thickness of the epitaxial layer and the diameter of the Schottky

contact. Rj is the junction resistance of the diode, a function of the total current flowing

through it.

The junction resistance Rj is a function of the diode parameters and the bias current:

Rj =
8.33× 10−5 n T

Ib + Is
, (5.4)

where n denotes the diode ideality factor and T is the temperature in Kelvins, Ib and Is are

externally applied bias and the diode saturation currents, respectively. Table 5.1 shows the

HSMS-282x SPICE parameters, used in the circuit simulation in Agilent’s ADS.

Figs. 5.4 and 5.5 represent the real and imaginary parts of the forward Schottky diode
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Table 5.1: HSMS-282x SPICE parameters.

Parameters Units HSMS-282x

Bv V 15

Cj0 pF 0.7

EG eV 0.69

IBV A 1e−4

Is A 2.2e−8

n 1.08

Rs Ω 6

PB V 0.65

PT 2

m 0.5

Figure 5.4: Real part of the forward Schottky diode admittance versus the input power for
different bias voltages.
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Figure 5.5: Imaginary part of the forward Schottky diode admittance versus the input power
for different bias voltages.

Figure 5.6: Real and Imaginary parts of the reversed Schottky diode admittance versus the
input power for different bias voltages.
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admittance in different bias voltages as functions of the input power. The results are achieved

from the harmonic balance simulation in Agilent’s ADS. It is clear from Fig. 5.4 that around

the bias voltage of 0.3 V, the diode is completely ON and generates an inflection shape in

its nonlinear characteristic. From this figure, the forward Schottky diode can contribute the

small signal amplitude adjustment and shift the inflection point positions.

Harmonic balance analysis of the reversed Schottky diode shows that the nonlinear char-

acteristics of this diode shifts to the right side as the bias voltage increases and can be mostly

used to fine tune and align predistorter and PA distortion characteristics. Fig. 5.6 represents

this behavior.

5.3.2 PIN diode

The PIN diode is generally considered to behave like a current-controlled RF variable

resistor as shown in Fig. 5.7. The resistance value of the PIN diode is determined only

by the forward bias dc current. In the microwave frequency range, this simplification is

generally quite accurate. However, in the RF frequency range (below 2 GHz), issues are

more challenging, and the incorrect choice of the diode can produce disastrous results in

terms of the circuit performance.

A model of a PIN diode chip is shown in Fig. 5.8. The chip is prepared by starting with

a wafer of almost intrinsically pure silicon, having high resistivity and long carrier lifetime.

A P-region is then diffused into one diode surface and an N-region is diffused into the other

Figure 5.7: PIN diode RF resistance versus dc bias current.
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Figure 5.8: PIN diode chip outline.

surface. The resulting intrinsic or I-region thickness (W) is a function of the thickness of the

original silicon wafer, while the area of the chip (A) depends upon how many small sections

are defined from the original wafer. The performance of the PIN diode primarily depends

on the chip geometry and the nature of the semiconductor material in the finished diode,

particularly in the I-region.

The resistance of a PIN diode is controlled by the conductivity (or resistivity) of the I-

region. This conductivity is also controlled by the forward bias dc current. Minority carrier

lifetime, indicated by τ , is a measure of the time that it takes for the charge stored in the

I-region to decay, when forward bias is replaced with reverse bias, to some predetermined

value. This lifetime can be as short as 35 to 200 ns for epitaxial diodes. Lifetime has a

strong influence over a number of PIN diode parameters, among which are distortion and

basic diode behavior.

To study the effect of lifetime on diode behavior, a cutoff frequency FC=1/2πτ is defined.

For short lifetime diodes, this cutoff frequency can be as high as 30 MHz. At frequencies,

which are ten times FC (or more), a PIN diode does indeed act like a current-controlled

variable resistor. At frequencies which are one tenth (or less) of FC , a PIN diode acts like

an ordinary PN junction diode. Finally, at 0.1 FC ≤ F ≤ 10 FC , the behavior of the diode

is very complex. Suffice it to mention that in this frequency range, the diode can exhibit

very strong capacitive or inductive reactance. It will not behave like a resistor anymore.

However, at zero bias or under heavy forward bias, all PIN diodes demonstrate very high or
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Figure 5.9: APLAC die model.

very low impedance no matter what their lifetime is.

PIN diodes cannot be modeled on SPICE. The problem is that SPICE has no provision

for minority carrier lifetime (τ). A program with a complete linear model for the PIN diode

is APLAC. APLAC (originally Analysis Program for Linear Active Circuits) started in the

Helsinki University of Technology in 1972.

The APLAC PIN diode model consists of a current-controlled resistor and a SPICE

model for a diode. The APLAC PIN diode model is shown in Fig. 5.9 [78]. D1 uses the

standard SPICE diode model, which is described by IS, N, and TT. RS, in the standard

model, is replaced by the external network of RMIN , RMAX , and RV AR, the three resistors

that APLAC assumes the resistance versus current curve can be approximated using them,

where RV AR=A/IKd .

The PIN diode used in the predistorter is HSMP-3890 of Avago Technologies. APLAC

model [79] parameters of this diode are given in the Table 5.2.

In Agilent’s ADS, the current-controlled resistor is implemented with a symbolically

defined device (SDD). Fig. 5.10 shows the full implementation of the PIN diode model in

ADS. The parameters for the SPICE diode model can be extracted from the measured dc

IV curve and are also shown in Table 5.2. The final model includes the diode capacitance

and connection inductance as shown in Fig. 5.9. This model is valid for forward bias only,
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Table 5.2: APLAC model parameters for PIN diode HSMP-3890.

Parameter, Units Unit description Value

Rmax, Ω Maximum RF resistance 5000

Rmin Ω Minimum RF resistance 0.5

K Resistance curve fitting exponent 0.746

A Resistance curve fitting exponent 0.0202

L, nH Connection inductance 2

C, pF Diode capacitance at RF frequency 0.28

Is, A Diode saturation current 11.7e-12

N Diode ideality factor 1.58

TT, ns Transit Time (carrier lifetime) 200

when operated at frequencies above 10 FC .

The model does not correctly predict harmonics. However, it is useful in predicting RF

resistance and the dc-IV curves. This makes the APLAC model ideal for simulating PIN

diode switch as in attenuator designs, where the RF resistance is varying with bias current.

The APLAC model equation requires a small value of bias current in order to operate. This

Figure 5.10: PIN diode model implementation in Agilent ADS using the published APLAC
parameters.
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(a) Datasheet (b) APLAC model

Figure 5.11: HSMP-3890 RF resistance versus forward bias current at 100 MHz.

is provided by the 1e−26 term in the SDD in the PIN diode model in Fig. 5.10. If the term

is omitted from the equation, the simulator tries to divide by zero and the equation cannot

be solved or gives an invalid result.

Fig. 5.11 compares the RF resistance from the HSMP-3890 datasheet with the resistance

obtained from the APLAC model over a 0.1 mA to 100 mA range at the test frequency of

100 MHz. As can be seen from this figure, the APLAC model predicts the diode resistance

linearly up to 10 mA, which follows the datasheet result very well and can be used in our

linearizer design. It starts to deviate from the experimental result from 10 mA. For instance,

at 100 mA, the actual measured resistance is about 1.1 Ω, while the APLAC model predicts

its resistance as 0.6 Ω.

Harmonic balance analysis of the PIN diode and the results in Fig. 5.12 verify its behavior

as a variable resistor in adjusting the diode admittance and consequently adjusting the

amplitude distortion level of the predistorter. As can be seen from this figure, by adjusting

the diode bias voltage from 0.3 V to 0.55 V, the real part of the admittance varies from almost

zero to 0.01 S, corresponding to the impedance variation from almost open to 100 Ω. This

wide range of the impedance variation gives the opportunity for the PIN diode to contribute
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Figure 5.12: Real and Imaginary part of the PIN diode admittance versus the input power
for different bias voltages.

significantly to the amplitude adjustment in the final predistorter circuit. On the other

hand, the imaginary part of the admittance slightly changes through the voltage variation

and slightly affects the procedure of the imaginary part cancellation by the Schottky diodes

looking from points A and B in Fig. 5.2.

5.4 Design Procedure

This section discusses a step by step design methodology to generate the desired predis-

torter amplitude characteristic.

1- Measure and draw the distortion characteristics of the PA versus the power amplifier

input power.

2- Normalize and inverse the curves to obtain the reversed characteristics. Horizontal

axis will be the predistorter output power.

3- Add specific loss value, L, to the predistorter AM/AM characteristic. Absolute values
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Figure 5.13: Dual inflection AM/AM of the predistorter with small signal loss of L and
inflection depth of ∆.

of the loss factor and the ”depth of the inflection” must be added to the horizontal axis of

both AM/AM and AM/PM curves to align the predistorter output power with the PA input

power. The new horizontal axis is the predistorter input power. The parameter of ”depth

of the inflection” is shown by ∆ in Fig. 5.13.

4- As discussed, the imaginary part of the admittance looking into points A and B in

Fig. 5.2 must be zero at small signal powers, thus, the conductance seen from those points

in the small signal powers, GS , is:

Zin = Z2
0 · YT = Z2

0 ·GS, (5.5)

and the reflection coefficient Γ in the small signal can be obtained as:

Γ |S=
Zin − Z0

Zin + Z0

=
Z0 ·GS − 1

Z0 ·GS + 1
. (5.6)

From (5.3), the predistorter loss is L=|Γ|2, therefore the small-signal conductance from

(5.6) is calculated as:

GS =
1 + 10−(L/20)

Z0[1− 10−(L/20)]
. (5.7)

5- According to Fig. 5.13, since LS-LM=∆ and L= |Γ|2, the following equation is valid
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for both points A and B:

LS/LM = 10∆/10. (5.8)

In addition, the reflection coefficient Γ, corresponding to point M in Fig. 5.13, is as

follows:

Γ |M=
ZM − Z0

ZM + Z0

=
Z0 ·GM − 1

Z0 ·GM + 1
= Γ |S ·10−∆/20, (5.9)

where GM denotes the conductance seen from points A and B in Fig. 5.2. This is calculated

for the input power corresponding to point M in Fig. 5.13. In the above equation, it is

assumed that the imaginary part of the admittance YT is negligible. Finally, from (5.6) and

(5.9), the conductance GM is obtained as:

GM =
(1 + Z0 ·GS)− 10−∆/20 · (1− Z0 ·GS)

Z0[(1 + Z0 ·GS) + 10−∆/20 · (1− Z0 ·GS)]
. (5.10)

Finding GS and GM , the designer can select the proper bias voltages from Figs. 5.4 to

5.6 and Fig. 5.12 and adjust the length of the open stub to obtain the desired predistorter

amplitude characteristic.

5.5 Experimental results

In order to verify the proposed technique, a 7 W AP603 power amplifier from Triquint

with Vcc=28 V, Icq=40 mA at 2.14 GHz was used to be linearized using the proposed analog

predistorter, which is designed based on the structure shown in Fig. 5.2.

Output P1dB and large-signal gain of AP603 at 2.14 GHz are 38.3 dBm and 11.8 dB,

respectively. To provide 26.5 dBm input power to the power amplifier, driver amplifier ZHL-

42W from Mini-Circuits was utilized in this project. The driver amplifier is a linear amplifier

with minimum output P1−dB=28 dBm from 10 MHz to 4.2 GHz. It means that the driver

amplifier will not contribute to the nonlinearity of the power amplifier. We consider the

driver amplifier ZHL-42W and the power amplifier AP603 as one amplifier module that is

linearized with the analog predistorter.
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(a) Measured AM/AM (b) Measured AM/PM

Figure 5.14: ZHL-42W and AP603 amplifier module AM/AM and AM/PM characteristics
obtained from WCDMA test signal with PAPR=9 dB.

As a first step of the design procedure in Section 5.3, the amplifier module was evaluated

by WCDMA signal with PAPR=9 dB. The AM/AM and AM/PM characteristics were ob-

tained through the Vector Signal Analyzer (VSA) measurement setup. The characteristics

are shown in Fig. 5.14. From Fig. 5.14a, the amplifier module small-signal gain was about

43.2 dB. The dual inflection points occur at input powers of about -15 dBm and -6 dBm,

respectively and the inflection depth was measured as ∆=0.4 dB at the input power of -9

dBm. The AM/PM characteristic in Fig. 5.14b is almost flat and the phase variation is

measured less than ±4 ◦, and can be neglected in this project. Therefore, the analog predis-

torter was designed only to correct the amplitude distortion using the structure proposed in

Fig. 5.2.

In the second step, the normalized and inversed characteristics of the amplifier module

were obtained from the VSA setup. The results are shown in Fig. 5.15. In this figure, the

horizontal axis is assigned as the predistorter output power.

Considering the predistorter insertion loss of L=11 dB (in measurement 11.25 dB) and

substituting L and ∆ values in (5.7) and (5.10), resulted in GS=0.036 S and GM=0.035

S, respectively. To realize these conductance values, bias voltages of 0.533 V, 0.32 V and

0.12 V from the diode admittance curves, shown in Section 5.3, were selected for the PIN,
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(a) Measured AM/AM (b) Measured AM/PM

Figure 5.15: ZHL-42W and AP603 amplifier module normalized and reversed AM/AM and
AM/PM characteristics.

forward and reversed Schottky diodes, respectively. Open stub ( Z0=50 Ω , 20 ◦) and the

transmission lines (Zb=38 Ω , λ/4) were used to adjust the conductance values and reversing

imaginary part of the Schottky diodes’ admittances. The predistorter circuit was fabricated

on RT5870 substrate with H=20 mil, εr=2.33 and loss tangent of 0.0023.

Fig. 5.16 shows the measured AM/AM distortion result of the synthesized analog predis-

torter to linearize the amplifier module. The predistorter has a small-signal loss LS=11.25

Figure 5.16: Synthesized analog predistorter AM/AM distortion vs. its input power.
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Figure 5.17: Synthesized analog predistorter connected to the amplifier module.

dB and the inflection depth is obtained to be ∆=0.45 dB. The horizontal axis in Fig. 5.16

is the predistorter input power, which is aligned with the amplifier module input power by

adding absolute values of the small-signal loss and the inflection depth to the values in the

horizontal axis of Fig. 5.15. Up to the second inflection point, prior to starting the charac-

teristics to increase, the synthesized predistorter AM/AM characteristic is fully compatible

with the amplifier module reversed AM/AM characteristic, shown in Fig. 5.15a. From this

point, the synthesized predistorter deviates from the amplifier module reversed characteris-

tic. From the second inflection point, the amplifier module moves up 2.2 dB per 2 dB input

power increment, while this value for the synthesized circuit is 1 dB per 2 dB input power

variation.

The last step is to connect the synthesized analog predistorter and the amplifier module

together and investigate the functionality of the proposed linearization method experimen-

tally. Fig. 5.17 demonstrates the amplifier module along with the implemented predistorter.

Applying a WCDMA signal with PAPR=9 dB, the AM/AM characteristics of the amplifier

module, with and without the predistorter, are measured. The characteristics are shown in
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Figure 5.18: Measured amplifier module AM/AM characteristics, without predistorter (dot-
ted curve) and with predistorter (squared curve).

Fig. 5.18.

Fig. 5.18 verifies the performance of the predistorter in suppressing the distortion and

flattening the nonlinearity of the amplifier module AM/AM characteristic. Despite some

Figure 5.19: Measured amplifier module IM3 characteristics, without predistorter (dotted
curve) and with predistorter (squared and diamond curves).
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remaining nonlinearity in the range of -10 dBm to -6 dBm input power, the proposed pre-

distorter contributes to linearize the amplifier module, between the two inflection points, in

the range of -15 dBm to -6 dBm.

Two-tone signals with frequency separation of 1 MHz, at a center frequency 2.14 GHz,

were applied to evaluate IM3 distortion of the linearized amplifier module with and without

the predistorter. Measurement results are represented in Fig. 5.19. As can be seen, the IM3

characteristic has maximum improvement of 10 dB, in almost +34.5 dBm output power,

corresponding to the input power of -9 dBm in Fig. 5.14a. This is the input power where

the amplifier module AM/AM characteristic has a maximum inflection depth of 0.4 dB.
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Chapter 6

Conclusions and Future works

Power amplifiers are recognized as significant energy consumers in wireless transceivers. Im-

proving the power efficiency of PAs is especially important for mobile and BTS applications,

as the former suffers from the limited battery lifetime and the latter needs expensive and

bulky cooling systems. Meanwhile, there are stringent linearity constraints on PAs in many

modern communication systems employing nonconstant envelope signals to transmit them

with minimum impact on their quality. Furthermore, the wide variety of modern wire-

less applications requires broadband communication systems that are able to cover multiple

standards such as GSM, UMTS and LTE. Therefore, it remains a challenge in PA design to

achieve highest possible efficiency, while maintaining low distortion for broadband modern

and future communication systems.

In this chapter, the main conclusions of the thesis are presented in Section 6.1. Then,

the future works are discussed in Section 6.2.

6.1 Conclusions

In this dissertation, taking advantage of the newly proposed continuous-mode power

amplifier concept to design linear, highly-efficient and broadband power amplifiers, a com-

prehensive analysis and the design methodologies of the continuous class-B (class-J) power

amplifiers and their output matching network designs along with the simulation and the

measurement results were presented. Moreover, the extended class-B/J and new continuous

class-C concepts were main contributions of this dissertation.

In Chapter 2, a brief review of a harmonically-tuned class-B amplifier, as the origin of
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the class-J amplifier, was explained. Introducing new intrinsic voltage and current expres-

sions including complex fundamental and reactive harmonic components, the concept of the

continuous-mode power amplifiers was presented. Translating the new expressions to the

impedance domain, fundamental and harmonic ”design spaces” for the class-J, class-F and

class-F−1 modes were calculated and plotted on the Smith chart. Generalizing the class-B/J

voltage expression, the non-optimum fundamental and resistive second-harmonic impedances

in the practical class-B/J implementations were modeled and their impacts on the PA per-

formance were investigated. ”Linearity contour” concepts were presented to determine the

”safe” regions on the Smith chart to select the proper load impedances, which guarantee the

linearity requirement of the power amplifier, when those impedances are presented to the

intrinsic drain of the transistor.

In Chapter 3, by employing the class-B/J mode design space concept, combined with

the harmonic loadpull results, two integrated class-B/J GaN MMIC PAs were designed. In

the first class-B/J MMIC design, the losses in the output matching network were accounted

for, to come up with an optimal design for a given output power. A group of design curves

was obtained to select the optimum load resistance and the transistor size, according to the

required output power and efficiency for a given inductor loss. To verify the accuracy of the

analytical design approach, an integrated 0.5 W 15 V MMIC PA was fabricated in 800 nm

GaN technology. The PA exhibited greater than 50% drain efficiency over 800 MHz, from

2.25 to 3.075 GHz.

The second class-B/J MMIC design was based on experimentally finding the fundamental

load terminations on the class-B/J design space, in a GaN MMIC transistor in 500 nm

technology. For presented second-harmonic load impedances at 2.14 GHz and 2.5 GHz in on-

wafer loadpull measurements, the fundamental load terminations from the transistor class-

B/J design space were obtained to design a hybrid output matching network. Measurement

results exhibited a 1050 MHz bandwidth to achieve greater than 50% drain efficiency. The
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new class-B/J PA design shows more than 25% bandwidth improvement in comparison with

the first class-B/J MMIC design.

In addition to the integrated PA designs, a novel output matching network design method-

ology for presenting the class-J fundamental and second-harmonic load impedances was pro-

posed and validated with a design of a matching network for a class-J PA implemented with

a commercial GaN die transistor. The PA simulation results demonstrated that the output

power and gain do not significantly decrease in the entire bandwidth between 1.7 GHz to 3

GHz. Both the output power and gain were maintained around 40.1-38.9 dBm and 12.2-10.9

dB, respectively. Furthermore, the drain efficiency was maintained greater than 54% in the

frequency ranges of 1.7-2.9 GHz. In the same frequency band, the PAE was greater than

51%.

In Chapter 4, an application of the continuous-mode concept to the design of broadband

power amplifiers biased below the pinch-off voltage in low- and high-power modes, LPC and

HPC modes, respectively, was proposed. The proposed theory showed that when keeping

the input power constant and decreasing the gate bias voltage to lower voltages than the

pinch-off value (LPC mode), the fundamental impedance locus is shifted to the right side of

the Smith chart and the second-harmonic is expanded across the edge of the Smith chart.

In contrast to the LPC mode, keeping the class-C gate bias voltage constant and increasing

the input power to achieve the maximum drain current as in class-B mode (HPC mode),

the fundamental impedance locus is shifted to the vicinity of the continuous class-B (class-

J) mode and the second-harmonic impedance locus is slightly compressed compared to the

original continuous class-B mode harmonic locus. The proposed theory was verified with a

GaN MMIC transistor in on-wafer loadpull measurements. The theory and the broadband

PA simulation results showed that, by trading-off a small amount of output power in the

high-power class-C mode for θc > 145◦, a designed continuous class-B PA with the input

and output matching networks can be used as the HPC PA, when the transistor gate bias
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voltage and the PA input power are adjusted according to the proposed theory, which results

in the identical maximum drain current in both cases.

In chapter 5, an analog predistorter linearizer using forward and reversed Schottky and

PIN diodes has been developed to linearize power amplifiers with dual inflection points

in their amplitude (AM/AM) distortion characteristics. Anti-parallel Schottky diodes and

PIN diode, as the core elements of the proposed linearizer, were analyzed to obtain their

impedance and admittance characteristics as functions of the input power for different bias

voltages.

The diode behavioral analysis, contributes to selecting proper diode bias voltages to syn-

thesize the desired reflection coefficient of the predistorter gain characteristic. A step-by-step

design methodology is proposed to synthesize the reversed PA distortion characteristic. By

designing this dual-inflection-point linearizer for an S-band power amplifier, an improve-

ment of third-order intermodulation distortion of 10 dB has been achieved and the AM/AM

characteristic of the power amplifier has been flattened.

6.2 Future works

The list of the potential future works is provided as follows:

FW1) In the continuous class-F/F−1 PA designs, it is practically very difficult to present

the pure-reactive second and third-harmonic terminations using the realizable passive match-

ing network. The problem is more serious when a broadband matching network is required

for the continuous class-F/F−1 modes. In such a broadband matching circuit, a significant

portion of the required harmonic impedances may have a resistive part and cause a degra-

dation in the linearity performance of the PA. Therefore, it is important to investigate the

extended continuous class-F/F−1 modes, and to develop the linearity contours to identify

those wide ”safe” regions on the Smith chart for the harmonic load terminations to maintain

the amplifier linearity condition.

142



FW2) Using the proposed continuous class-C mode as the peaking amplifier and the con-

tinuous class-B (class-J) as the carrier amplifier, the combination of these two techniques to

develop a load-modulated amplifier can be contemplated. The combining network required

to connect the load to the carrier and peaking amplifiers, may be absorbed in the match-

ing networks presenting the fundamental and harmonic load terminations from the class-J

and continuous class-C design spaces to the active devices in the amplifiers to mitigate the

problem of narrowband performance of the Doherty combining network.

FW3) The presented RF analog predistorter architecture has a potential of having ex-

tended bandwidth using a broadband branchline coupler and the transmission lines. How-

ever, the new broadband structure will need a lookup-table-based voltage controller to adjust

the diodes’ bias voltages at multiple frequency points.
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Appendix A

MATLAB codes to generate fundamental and

second-harmonic linearity contours

A.1 Fundamental linearity contour code

The following is the MATLAB code, which is developed in the thesis to generate the funda-

mental linearity contour for a given complex second-harmonic impedance point on the Smith

chart:

(1 ) c l c ; c l o s e a l l ; c l e a r a l l ;

( 2 ) d = 0 : s q r t ( 2 ) . ∗ pi /1000:2∗ pi ; vdc = 28 ; vk = 5 . 2 ; imax = 1 . 8 2 4 ;

(3 ) v2r = 0 . 0 0 1 ; v2q = −0.4071; Ropt = 25 ;

(4 ) y = −(v2q∗ s i n (d) − v2r∗ cos (d ) ) . / ( v2q∗ cos (d) + v2r∗ s i n (d ) ) ;

( 5 ) g = atan ( y ) ;

(6 ) b = (−2∗v2q ) . / ( cos (d+g ) + v2q ∗( s i n (d−g ) ) ) ;

% b = (−2∗v2r ) . / ( s i n (d+g ) + v2r ∗( s i n (d−g ) ) ) ;

( 7 ) I = f i n d ( ( b<=1) & (b>=−1));

( 8 ) c = b( I ) ;

( 9 ) v1r = ( vdc−vk )∗ ( ( c .∗ s i n ( g ( I ))− cos (d( I ) ) ) . / ( vdc−(0.5∗ c ∗( vdc−vk ) ) . ∗ ( s i n ( g ( I )−d( I ) ) ) ) ) ;

(10) v1q = ( vdc−vk )∗ ( ( c .∗ cos ( g ( I ))+ s i n (d( I ) ) ) . / ( vdc−(0.5∗ c ∗( vdc−vk ) ) . ∗ ( s i n ( g ( I )−d( I ) ) ) ) ) ;

(11) ZF cl ipped = (−2/imax )∗ ( vdc−0.5∗( vdc−vk ) . ∗ c .∗ s i n ( g ( I )−d( I ) ) ) . ∗ ( v1r−1 i ∗v1q ) ;

(12) S11 F c l ipped = ( ZF cl ipped − 5 0 ) . / ( ZF cl ipped + 5 0 ) ;

(13) smith ( ’ z ’ )

(14) p l o t ( S11 F cl ipped , ’ b ’ , ’ l inewidth ’ , 2 , ’ markers ize ’ , 2 )

(15) ZF J = load ( ’ ZF J . z1p ’ ) ;

(16) Z2H J = load ( ’ Z2H J . z1p ’ ) ;

(17) ZF J = ZF J ( : , 2 ) + 1 i ∗ZF J ( : , 3 ) ;

(18) Z2H J = Z2H J ( : , 2 ) + 1 i ∗Z2H J ( : , 3 ) ;

(19) S11 F = ( ZF J − 5 0 ) . / ( ZF J + 5 0 ) ;

(20) S11 2H = ( Z2H J − 5 0 ) . / ( Z2H J + 5 0 ) ;

(21) p l o t ( S11 F , ’ k ’ , ’ l inewidth ’ , 2 . 5 ) ; hold on

(22) p l o t ( S11 2H , ’ bs− ’ , ’ l inewidth ’ , 2 , ’ markers ize ’ , 5 )
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In the above code, the variables d, g and b represent δ, γ and β, respectively. Ropt is the

optimum load resistance extracted via the load line technique. As shown in the traditional

class-J voltage expressions in (2.6), the normalized and actual second-harmonic quadrature

coefficients are bounded between [-
1

2

(
1− VK

Vdc

)
,

1

2

(
1− VK

Vdc

)
] and [−3π

8
Ropt,

3π

8
Ropt], re-

spectively. Thus, using the above code to draw the fundamental linearity contour, the actual

second-harmonic quadrature value must be normalized to
3π

4

(
2Vdc
Imax

)
and entered as v2q in

the code. If the assumed second-harmonic impedance has a real part, it can be normalized

to the same value as well.

Along with the fundamental linearity contour, the above code can draw the traditional

fundamental and second-harmonic design spaces. Fundamental and second-harmonic imped-

ances are loaded as *.z1p files in lines (15) and (16), respectively. Arranging in the impedance

format in lines (17) and (18), their reflection coefficients are calculated in lines (19) and (20)

and the design spaces are plotted on the Smith chart.

The code is equipped with a Smith chart drawing function named ”smith”, which is called

in line (13). The function draws a Smith chart and sets ”hold on”, so that the reflection

coefficients can be plotted on top of it. The developed MATLAB code for this function is as

follows:

f unc t i on smith ( p lo t type )

switch p lo t type

case ’ z ’

z p l o t =1; yp lot =0;

case ’y ’

z p l o t =0; yp lot =1;

case ’ zy ’

z p l o t =1; yp lot =1;

case ’ yz ’

z p l o t =1; yp lot =1;

end

t r = 2∗ pi ∗ ( 0 : . 0 1 : 1 ) ;

i f zp l o t

p l o t ([−1 1 ] , [ 0 0 ] , ’ k ’ )
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a x i s ( ’ equal ’ )

a x i s ( ’ o f f ’ )

hold on

f o r r = [ 0 . 2 . 5 1 2 5 10 ] % s p e c i f y the r=const l i n e s you want to draw

r r = 1/( r +1);

c r = 1− r r ;

p l o t ( c r+r r ∗ cos ( t r ) , r r ∗ s i n ( t r ) , ’ k ’ )

end

f o r x = [ . 2 . 5 1 2 5 10 ] % s p e c i f y the x=const l i n e s you want to draw

rx = 1/x ;

cx = rx ;

tx = 2∗ atan ( x ) ∗ ( 0 : . 0 1 : 1 ) ;

p l o t (1− rx∗ s i n ( tx ) , cx−rx∗ cos ( tx ) , ’ k ’ )

p l o t (1− rx∗ s i n ( tx ) ,− cx+rx∗ cos ( tx ) , ’ k ’ )

end

end

i f yp lot

p l o t ([−1 1 ] , [ 0 0 ] , ’m’ )

a x i s ( ’ equal ’ )

a x i s ( ’ o f f ’ )

hold on

f o r g = [ 0 . 2 . 5 1 2 5 10 ] % s p e c i f y the g=const l i n e s you want to draw

gg = 1/( g +1);

cg = gg−1;

p l o t ( cg+gg∗ cos ( t r ) , gg∗ s i n ( t r ) , ’m’ )

end

f o r b = [ . 2 . 5 1 2 5 10 ] % s p e c i f y the b=const l i n e s you want to draw

rb = 1/b ;

cb = rb ;

tb = 2∗ atan (b ) ∗ ( 0 : . 0 1 : 1 ) ;

p l o t (−1+rb∗ s i n ( tb ) , cb−rb∗ cos ( tb ) , ’m’ )

p l o t (−1+rb∗ s i n ( tb ) ,−cb+rb∗ cos ( tb ) , ’m’ )

end

end

zoom on
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A.2 Second harmonic linearity contour code

Similar to the fundamental linearity contour, a MATLAB code is developed in the thesis to

generate the second harmonic linearity contour for a given fundamental impedance point on

the Smith chart:

(1 ) c l c ; c l o s e a l l ; c l e a r a l l ;

( 2 ) d = 0 : s q r t ( 2 ) . ∗ pi /1000:2∗ pi ; vdc = 28 ; vk = 5 . 2 ; imax = 1 . 8 2 4 ;

(3 ) v1r = −0.8143; v1q = 0 . 8 1 4 3∗0 . 9 ; Ropt = 25 ;

(4 ) Nom = v1r ∗( vdc+vk ) + ( vdc−vk )∗ ( v1r ∗( cos (d ) ) . ˆ 2 + 2∗ cos (d) − 0 .5∗ v1q∗ s i n ( 2 .∗ d ) ) ;

( 5 ) Denom = −2∗v1q∗vdc + ( vdc−vk )∗ ( (2∗ s i n (d ) ) + v1r ∗0 .5∗ ( s i n ( 2 .∗ d ) ) + v1q ∗( cos (d ) ) . ˆ 2 ) ;

( 6 ) y = −Nom. /Denom ;

(7 ) g = atan ( y ) ;

(8 ) b = ((2∗ v1r∗vdc ) + (2∗ ( vdc−vk )∗ cos (d ) ) ) . / ( ( 2 ∗ s i n ( g ) ) − v1r ∗( s i n (d−g ) ) ) . / ( vdc−vk ) ;

% b = ((2∗ v1q∗vdc ) − (2∗ ( vdc−vk )∗ s i n (d ) ) ) . / ( ( 2 ∗ cos ( g ) ) − v1q ∗( s i n (d−g ) ) ) . / ( vdc−vk ) ;

(9 ) I = f i n d ( ( b<=1) & (b>=−1));

(10) c = b( I ) ;

(11) v2r = −0.5∗(( c . ∗ ( vdc−vk ) . ∗ ( s i n ( g ( I ) + d( I ) ) ) ) . / . . .

( vdc − ( 0 . 5∗ c ∗( vdc−vk ) ) . ∗ ( s i n ( g ( I ) − d( I ) ) ) ) ) ;

(12) v2q = −0.5∗(( c . ∗ ( vdc−vk ) . ∗ ( cos ( g ( I ) + d( I ) ) ) ) . / ( vdc − ( 0 . 5∗ c ∗( vdc−vk ) ) . ∗ ( s i n ( g ( I ) −

d( I ) ) ) ) ) ;

(13) Z c l ipped = −(3∗pi /2/ imax ) . ∗ ( vdc − 0 . 5∗ ( vdc−vk ) . ∗ c .∗ s i n ( g ( I ) − d( I ) ) ) . ∗ ( v2r − 1 i ∗v2q ) ;

(14) S11 2H cl ipped = ( Z2H cl ipped − 5 0 ) . / ( Z2H cl ipped + 5 0 ) ;

(15) smith ( ’ z ’ )

(16) p l o t ( S11 2H cl ipped , ’ b ’ , ’ l inewidth ’ , 2 , ’ markers ize ’ , 2 )

(17) ZF J = load ( ’ ZF J . z1p ’ ) ;

(18) Z2H J = load ( ’ Z2H J . z1p ’ ) ;

(19) ZF J = ZF J ( : , 2 ) + 1 i ∗ZF J ( : , 3 ) ;

(20) Z2H J = Z2H J ( : , 2 ) + 1 i ∗Z2H J ( : , 3 ) ;

(21) S11 F = ( ZF J − 5 0 ) . / ( ZF J + 5 0 ) ;

(22) S11 2H = ( Z2H J − 5 0 ) . / ( Z2H J + 5 0 ) ;

(23) p l o t ( S11 F , ’ k ’ , ’ l inewidth ’ , 2 . 5 ) ; hold on

(24) p l o t ( S11 2H , ’ bs− ’ , ’ l inewidth ’ , 2 , ’ markers ize ’ , 5 )

For a given fundamental impedance, variables v1r and v1q are obtained by normalizing

the impedance to

(
2Vdc
Imax

)
. The above code is run to calculate the values of v2r and v2q

based on the theory explained in subsection 2.4.3.
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Appendix B

On-wafer loadpull setup arrangement and In-Situ

calibration procedure

Before arranging the loadpull setup, the following components must be provided:

1- Probe station or separate chuck with mobility in X, Y and Z directions

2- Two probe holders with mobility in X, Y, Z and θ directions

3- Two GSG RF probes

4- Impedance Standard Substrate (ISS)

5- Source/loadpull fundamental and/or harmonic tuners

6- Two short and low-loss RF coaxial cables to connect tuners to the probes

7- Vector Network Analyzer (VNA)

8- Focus Microwave TRL mechanical standards

9- Signal generator covering the fundamental frequencies

10- Two channel or two separate power meter(s)

11- DC power supply to provide drain and/or gate bias voltages

12- Spectrum analyzer to see any potential instability at the output

13- Linear driver amplifier covering the fundamental frequencies

14- Two directional couplers, bias tees and an isolator/circulator

15- High power 50 Ω termination at the output

16- Vacuum pump to hold the chip mounted on PCB (in separate chuck option)

17- Microscope to zoom in GaN MMIC chip (in separate chuck option)

18- V-Lux 1000 microscope light source illuminator (in separate chuck option)

19- HUB, LAN and GPIB cables, some RF coaxial cables and adapters

20- Computer installed with Loadpull Explorer software
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The steps to perform the on-wafer loadpull In-Situ calibration are as follows:

Step 1: Connect APC7 adapters to the end of VNA cables and perform TRL calibration

through mechanical standards provided by Focus Microwave.

Step 2: Connect VNA cables to both ends of the load tuner (MPT) and perform standard

calibration through the loadpull explorer software.

Step 3: Connect VNA cables to the input and output blocks separately and measure

their S-parameters. Input block contains directional coupler, isolator and bias tee. Output

block contains directional coupler, bias tee and high power 50 Ω termination.

Step 4: Connect ”DUT” port of the source tuner through a short low-loss cable to

one GSG probe, attached to a probe holder. Repeat this step for harmonic rejection tuner

(PHT).

Step 5: Put ISS over the chuck and turn the vacuum pump on to hold the ISS firmly.

Step 6: Connect one of the VNA cables to the ”Source” port and the other one to the

”PHT” port of the source and PHT tuners, respectively.

Step 7: Remove the harmonic resonators form the PHT tuner.

Step 8: In the manual calibration window in the loadpull explorer software, click on

the source tuner and initialize it. Missing this part can degrade the measurement results by

starting the source tuner from a random point on the Smith chart.

Step 9: Start to do TRL calibration using ISS:

9.1 Lift the probes up and measure Reflect 1 and 2 in TRL calibration window.

9.2 Put the probes on Line standard and measure delay in TRL calibration window.

9.3 Put the probes on Thru standard and measure thru in TRL calibration window.

Step 10: Keep the probes touched Thru. Click ”calculate” bottom in TRL calibration

window. It automatically generates two CONA and CONB files.

Step 11: Click ”verify” bottom to open a new window. Then, click ”measure” and

”close” bottoms to show the verification results. If the TRL calibrations are performed
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properly, the verification results, which are the S-parameters of a DUT between two probe

tips must be almost zero and better than 50 dB for the insertion and return loss, respectively.

Step 12: Open the tuner calibration window. You will see the configuration shown in

Fig. B.1. From this figure, CONA includes the input box plus source tuner and the input

probe accessories. Output box plus the PHT tuner (with no resonators) and the output probe

accessories create CONB. These two files, already generated in step 10, must be subtracted

during the tuners calibration.

Step 13: In the tuner calibration window, select the calibration type as ”In Situ”. If you

want to calibrate the source tuner, as the input and output probes are touching the Thru

standard in ISS, select the generated ”verify” file in step 11 for thru and ”CONB” for the

de-embed load block. With the previously assigned frequency list and point density, click

Figure B.1: Tuners calibration window.
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”start calibration” bottom. The source tuner calibration will be started. The calibration

reference planes will be Plane A and Plane DUT shown in Fig. B.1.

Step 14: Once the source tuner calibration is done, lift the probes up and return the

PHT resonators and make sure they are properly installed in their positions. Lift the probes

down on Thru standard again and repeat the previous step for the PHT tuner. Keeping

the ”verify” file for thru, select ”CONA” for the de-embed source block and click ”start

calibration” bottom. The PHT tuner calibration will be started. The calibration reference

planes will be Plane DUT and Plane B shown in Fig. B.1.

Step 15: Now, you can connect all the input/output accessories as well the tuners

together and try to touch the Thru standard with two probes. You can verify your on-wafer

loadpull measurement setup through back-to-back test by adjusting the source tuner on a

specific point on the Smith chart and tuning the PMT for the conjugate impedance of that

point. You should theoretically measure zero for gain as the maximum power is assumed to

be transferred to the load under the conjugate match condition. Due to some mechanical

and computational errors, you might see a value other than zero, which can be typical if this

error does not go beyond ± 0.2 ∼ 0.3 dB.
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