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Abstract 

Techniques for realizing high quality RC-active filters using impedance simu-

lation are the subject of this thesis. A method is presented which significantly 

extends the dynamic range of filters built using a special class of generalized 

immittance converters (GIC). These GICs are realized with voltage controlled 

current sources (VCCS), due to the superior high frequency behavior of the VCCS 

based structure over the conventional voltage controlled voltage source implemen-

tations. High dynamic range filters constructed using a bipolar VCCS and a com-

mercially available op-amp show nearly an order of magnitude better dynamic 

range than previously published circuits. 

The concept of VCCS based GICs has also been extended to CMOS in this 

work. A high quality, low power CMOS VCCS has been implemented through 

several fabrication submission - testing iterations using the facilities of the Cana-

dian Microelectronics Corporation. This device has been analysed theoretically and 

characterized experimentally for high quality RC-active filter applications. The 

CMC service has also been used to implement and characterise fully floating 

integrated resistors in CMOS technology. These circuits have been used in a GIC 

based second order biquad filter with stopband attenuation in the near MHz region, 

and whose performance is almost indistinguishable from a lossless passive proto-

type. 
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CHAPTER 1 

INTRODUCTION 

1.1. RC-Active Filters and Impedance Simulation 

Although active inductorless filters were described as early as 1938 [1], the 

physical limitations of vacuum tubes delayed further interest in the field of active 

filters until the development of the bipolar transistor in the early 1950's when 

filters based on negative impedance converters were described [2]-[4]. Although 

the subject did receive some limited attention at this time, it was the development 

of the first linear integrated circuits in the mid to late 60's which sparked 

widespread interest in the field of active filters built using simulated elements [5] - 

[7]. After this time the operational amplifier was widely used as the active element 

in the realization of impedance simulation networks [8] - [13]. To date the area of 

impedance simulation using op-amps has received a large amount of attention, with 

much effort being directed towards the effect of op-amp non-idealities on the per-

formance of the simulated element [ 14]. 

Also in the late 60's, the nullor, first introduced as an ideal circuit element by 

Carlin in 1964 [15] then named the "nullor" by Tellegen in 1966 [16], was gaining' 

popularity as a network analysis tool, particularly in topologies for impedance 

simulation [ 17] - [18]. The nullor concept has been shown to be particularly useful 

1 
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in the synthesis of generalized impedance converters (GICs) whose high frequency 

Q factor degrades as rather than the W 3 degradation of the typical 2 op-amp 

structure [ 19] - [201. A bipolar analog circuit which approximates the ideal nullor 

behavior described in Appendix A has been built, and filters have been constructed 

using the circuit at frequencies above 500 kHz [21]. Filters constructed using op-

amps of a lateral pnp technology comparable to that in which the nullor was fabri-

cated would not, be usable in this frequency range due to the rolloff of the 

amplifier's open loop gain. 

1.2. Fully Integrated Analog Continuous Time Filters 

Due to the necessity for external passive components in the impedance simu-

lation networks, it was not feasible to integrate these circuits directly, and with the 

trend towards higher and higher levels of integration, digital and switched capacitor 

filters began to dominate the interests of researchers [22]-[27]. However, in 1978, 

a new technique was proposed by Gray et al. [28] for the integration of an analog 

filter in. a Bipolar-MET process. This implementation relied on a technique 

developed in the 50's to transform a doubly terminated ladder filter network into an 

equivalent network which contains only summing nodes and integrator structures, 

and which preserves the inherent low sensitivity of the ladder topology [29]. This 

network, known as the "leapfrog" configuration, may be integrated by designing an 

active integrator circuit whose corner frequency may be adjusted by a bias condi-

tion. 
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Another significant contribution of the work of Gray was the inclusion of a 

system on chip which adjusted the filter parameters to compensate for process and 

temperature variations. This technique used a phase locked loop with an integrator 

structure identical to the one used in the filter. The integrator control voltage 

necessary to lock the PLL onto an external crystal frequency reference was the 

transferred to the integrator sections in the filter. In this manner, any variations in 

temperature or process parameters would be reflected in the integrator sections in 

both the filter and the PLL, and thus the control voltage would reflect these 

changes. This same technique was used by Gray in CMOS realizing bandpass 

filters with center frequencies in the 500 kHz region, but with Q factors below 10 

[301. 

Similar techniques were used by Parpia et al. [31] to realize micropower ver-

sions of the filter in Bipolar - JFET technology, although without the accompany-

ing temperature and process variation compensation. 

The development of fully integrated analog filters was significant in that it 

suggested the possibility of integrating both a high quality digital or switched capa-

citor filter and the necessary analog continuous time anti-aliasing filters on the 

same substrate, thus moving towards a single chip "analog in - analog out" filter 

system with the benefits of digital techniques and without the need for external pre-

and post- filtering. 

Another technique reported by Voorman et al. used "transconductors" [32] to 

realize gyrator based filters, similar to the GIC based simulated impedance filters. 
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However, these filters required an external passive resistor and on chip dielectric 

resistors. 

Further work in the field by Tsvidis led to the development of a balanced 

integrator structure which used a pair of transistors and an op-amp in a 

configuration which canceled the non-linearities of the transistors [33]-[35]. Filters 

were constructed using this technique in CMOS technology with bandedges in the 

1 - 5 kHz range. Control schemes were also proposed for this method of imple-

menting the filter based on the phase locked loop concept, but with the balanced 

integrator used in the PLL [36] - [37]. 

Fully integrated filters have also been proposed which use transconductance' 

blocks [38]-[40] to achieve biquad filter structures. Another concept recently 

described uses "voltage mirrors" [41] to simulate gyrators and frequency dependent 

negative resistors (FDNR's), although no experimental results for these elements 

have been reported. 

1.3. CMOS Voltage Controlled Resistor Circuits 

The original concept of using MOS transistors to approximate resistor action 

was proposed by Bilotti in 1966 [42]. However, the circuit analysed was only suit-

able for applications in which the resistor was grounded, and suffered from the 

additional drawback of requiring two fixed large valued resistors in the resistive 

path. 
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In 1982, Tsvidis et al. published a circuit which approximated resistive action 

between two floating nodes by canceling the non-linearities of two matched p chan-

nel transistors [43]. Han et al. [44] reported a similar circuit with applications to 

realization of integrator based filters, but the resistor circuit reported relied on the 

connection of one side of the resistor being at ground potential. Another resistive 

circuit was proposed by Czarnul [45] to implement balanced integrator structures, 

but the resistive action was of a two port nature rather than a true one port resistor. 

Operational transconductance amplifiers (OTAs) have also been used by Khan 

et al. to realize fully floating resistor circuits [46]. However, this technique is not 

as applicable in CMOS systems where the inherent voltage drops are larger, thus 

reducing the available drive current of the OTA circuit. 

1.4. Scope of Thesis 

As detailed in the previous sections, many researchers are investigating fully 

integrated analog continuous time filters, with the majority of effort direted toward 

implementing filters using either passive on-chip resistors or high quality integrator 

sections. The filters produced so far have either been low frequency or low Q fac-

tor. However, filters based on impedance simulation techniques which show high 

Q factor at high frequencies are well established. 

This work describes a methodology for realizing analog continuous time 

integrated filters in a CMOS technology using impedance simulation techniques. 
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Chapter 2 describes a technique for increasing the signal handling capability of a 

nullor based GIC. This technique relies on imbalancing the impedances of the GIC 

so as to reduce the current flowing through the current follower stage of one of the 

nullor elements. Although this method increases the demand on the other nullor 

circuit, it is recognized that this circuit is functioning as a voltage buffer and hence 

may be replaced by a Class AB op-amp. Filters constructed using the previously 

reported bipolar nullor circuit and passive components whose values have been 

scaled in this manner are constructed and found to exhibit greater signal handling 

capability than filters built using uniform impedance GICs, and better Q factor per-

formance than filters built with the 2 op-amp GIC realized with the same op-amp 

as the nullor op-amp GIC. This technique, to the best of the author's knowledge, 

has not previously been published. 

Chapter 3 describes the design and fabrication of a CMOS voltage controlled 

current source (or nullor) circuit. Previously published circuits which approximate 

nullor action have all been implemented in bipolar technology. The analysis is 

broken down into the quiescent, low frequency small signal and high frequency 

small signal analyses of the voltage and current follower stages. In addition, the 

design of the geometries of the final fabricated circuit is detailed, and quiescent 

and small signal performance of the circuit are examined. 

Chapter 4 examines several alternative circuits for integrated resistor approxi-

mation, and specifically the circuit proposed by Tsvidis. The implementation of 

this circuit is described, and measured results for linearity and resistance are 
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discussed. The CMOS nullor is then characterised for use in active impedance 

simulation, and the effects of non-zero offsets in the nullor in the 2 nullor GIC are 

analysed. The application of the CMOS nullor to impedance simulation is demon-

strated by constructing a second order bandpass filter with passive components. 

The technique is then extended to fully integrable filters by substituting the CMOS 

resistor circuit for the passive components. 



CHAPTER 2 

DYNAMIC RANGE ENHANCEMENT IN THE 2 VCCS GIC 

2.1. Dynamic Range Performance of 2 Nullor Filters 

Rao and Haslett [21] developed a novel GIC topology which was shown to 

exhibit superior high frequency Q factor over the traditional two op amp design. 

This GIC circuit was based on high gain voltage controlled current sources, or nul-

lors. However, the implementation of the GIC required a fully floating nullor, 

which cannot be realized using only an operational amplifier. Thus, a bipolar cir-

cuit was designed which operated as a floating nullor with low, transfer error and 

wide bandwidth. High Q filters with corner frequencies above 500 kHz have been 

constructed using the circuit. 

One of the fundamental limitations of the bipolar circuit is that the Class A 

nature of the current follower stage limits the available drive current of the device 

[47]. This in turn limits the maximum voltage swing allowed at the input termi-

nals of the GIC. This limitation will be even more severe in a CMOS implementa-

tion of the nullor circuit, since the lower transconductance of the CMOS devices 

will necessitate lower class A quiescent currents. 

This section describes an impedance imbalancing technique which allows the 

current through the current follower stage of the floating nullor to be reduced while 

8 
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not altering the driving point impedance. The use of this technique, coupled with 

the replacement of the second nullor circuit with an operational amplifier whose 

class AB output stage can handle the increased demand caused by the impedance 

imbalance, results in a GIC whose maximum voltage swing will be increased over 

a uniform impedance GIC. 

2.2. Analysis of The Ideal GIC 

2.2.1. Voltage Current Relationships in the Ideal GIC 

Figure 2.1 shows the novel GIC structure proposed by Rao and Haslett [21]. 

In this section, the equations for the node voltages and norator currents in the ideal 

case will be derived in order to develop the techniques for maximum voltage swing 

enhancement. 

The network may be simplified by noting the following properties. Since an 

ideal nullator element may not support a differential voltage across it, voltages V2 

and V6 will be equal, as shown in equation (2.2.1), and voltages V3 and V5 will be 

equal as shown in equation (2.2.2). Also, since an ideal nullator does not allow 

any current to pass through it, the currents 14 and Is will be equal, as shown in 

(2.2.3). Finally, although the current 13 splits into I, and 14, these currents are 

summed again to flow through Z6, thus the currents 13 and '6 will be equal as 

shown in equation (2.2.4). 



Figure 2.1. Schematic of the ideal 2 nullor GIC. 

0 



v3=v5 

14 =15 

13 = 16 

(2.2.1) 

(2.2.2) 

(2.2.3) 

(2.2.4) 

Referring to Figure 2. 1, and using the identities shown in (2.2.1) - (2.2.4), the 

relationships describing the GIC may be written as equations (2.2.5) - (2.2.9). 

V2 = 13 Z6 (2.2.5) 

(2.2.6) 

V3—V4 =I3Z3=—I4Z4 (2.2.7) 

Ill = 12 13 (2.2.8) 

= 13 - 14 (2.2.9) 

These equations may be solved by straightforward algebra to yield the voltage 

and current relationships shown in equations (2.2.10) - (2.2 16). 

V3=V2 
z3z5 

z4z6 

V4 - V2 I 
1 Z3(Z4 + 45) I 

- z4z6 

12 V2   
. I = z2z4z6 J 

1 •1 
3=z -i: j 

Z3 

I4V2 [z4z6 j 

(2.2.10) 

(2.2.11) 

(2.2.12) 

(2.2.13) 

(2.2.14) 



1 2 t 11[Z3Z5 i  i 
= z4 ] 

'n2'2 11 [,+-L 
Z6 Z4 

Equation (2.2.12) may be used to solve for the driving point impedance as 

shown in equation (2.2.17). 

1 

Yinalc 
= zincic = 

- z2z4z6 
12 Z3Z5 

2.2.2. Dynamic Range Increase in the 2 VCCS GIC 

(2.2.17) 

The key to increasing the dynamic range of the GIC lies in mismatching the 

GIC impedances so as to decrease the current through the floating nullor (i2) for a 

given input voltage. An important constraint is that the driving point impedance of 

the GIC must not be altered, i.e. the new GIC must be indistinguishable from the 

old one except that it exhibit higher dynamic range. 

The nature of the expression for the driving point impedance, equation 

(2.2.12), suggests that in order for to remain unchanged, two impedance 

mismatching strategies are possible. First, a reciprocal scaling factor may be 

applied to two impedances in the numerator or denominator, or the same scaling 

factor may be applied to one impedance in the numerator and one in the denomina-

tor. The exact mismatch strategy will depend on the magnitude expressions, since 

these are dependent on the elements chosen for the GIC impedances. 
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2.2.3. Dynamic Range Increase in the Type 1 Inductor 

The expression for the GIC driving point impedance, equation, (2.2.17), sug-

gests that if either Z3 or Z5 is chosen to be capacitive, and the remaining 

impedances are chosen to be resistive, the resulting input impedance will appear to 

be inductive. In fact, the choice of Z5 as a capacitance results in superior high fre-

quency performance of the simulated element [47]. Thus, for the Type 1 simulated 

inductance, the general impedances of equations (2.2.10) - (2.2.16) may be written 

as shown in equations (2.2.18) - (2.2.22), The expression for the effective induc-

tance of the GIC may be written as shown in equation (2.2.23). 

Z2=R2 (2.2.18) 

Z3=R3 (2.2.19) 

Z4 = R (2.2.20) 

(i)C (2.2.21). 

1 

Yjflk(s) - 

= R6 (2.2.22) 

Z L(s) = SLeff((0) = S R2R4C5R6 (2.2.23) 
R3 

The identities shown in equations (2.2.18) - (2.2.22) may be substituted into 

the general expressions in equations (2.2.10) - (2.2.17) to yield the magnitude and 

phase relationships shown in equations (2.2.24) - (2.2.30). 

mag(V3) = V2 
[ 1+ [ R3 ]2]h/Z 

oR4C5R6 
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arg(V3) = arctan 
R3 

(0R4C5R6 

mag(V4) = v2 R32 [ [1 - + [R6 I  R3 RC ]2 ] v2 

arg(V4) = arctan 
R3 

oR4C5(R6 - R3) 

R3 
mag 2) = V2 [ RZR4C5R6 j 

mag(I3)=V2 j 

mag(I4) = V2 [ R3 ] , 

RA J 
mag(I) = V2 

arg(I2) = - 

arg(I3) = 0 

arg(I4) = it 

R3 

0)R2R4C5 

I 
arg(I 1) = arctan R3  

R2R4C5 ] 

)2]½ 

mag(I 2) V2  i I 11+ - I , arg(I 1) = 0 
R6jI R4 J 

(2.2.24) 

(2.2.25) 

(2.2.26) 

(2,2.27) 

(2.2.28) 

(2.2.29) 

(2.2.30) 

Equation (2.2.30) shows that the value of in,, is .inversely proportional to the 

value of R,. Thus, an effective method for reducing the value of is to increase 

the value of R6. The expression for the driving point impedance of the GIC, equa-

tion (2.2.17), suggests that if the value of R6 is raised, then either R2 or R4 or C5 

must be lowered, or R3 must be raised. Since raising R3 or lowering R4 would 

increase i, the best choice is to lower either R2 or C5. Equations (2.2.23) and 

(2.2.24) show that lowering C5 would increase both v3 and v4, while loweringR2 
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would not affect the voltages. Thus, the best choice is to lower R2. 

Ideally, then, the operation of raising R6 and lowering R2 will be to leave the 

magnitude and phase of i2 unchanged, and reduce the magnitudes of v3 and all the 

currents in the GIC. The magnitude of v4 will increase or decrease depending on 

the relative magnitudes of R3 and R6. 

Figure 2,2 shows the phasor diagram relating the currents in the Type 1 simu-

lated inductance. The solid phasors show the GIC currents in the typical uniform 

conductance case. Equations (2.2.27) and (2.2.28) show that the values of 13 and 14 

will be reduced. Since the value of 12 will not change, the magnitude of I,, the 

phasor difference of 12 and 13, will be reduced and its phase will change. Simi-

larly, Figures 2.3 (a) and 2,3 (b) show the phasor diagrams for the internal voltage 

relationships in the GIC. In Figure 2.3 (a), for the condition R3>R6, a change in 

phase angle accompanies the decrease in magnitude. In Figure 2.3 (b), for the con-

dition R3 zR6, the change in phase angle is reduced, and the position of the vectors 

is such that v4 will actually increase slightly in magnitude. Thus, the decrease in 

magnitude of all currents and voltages in the Type 1 inductor (with the possible 

exception of V4) is accompanied by an altered phase relationship between the pha-

sors. 
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Figure 2.2. Phasor diagram showing current relationships for the standard 

and high dynamic range simulated L. 
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Figure 2.3(a). Phasor diagram showing voltage relationships for the standard 

and high dynamic range simulated L for the condition R3 > R6. 
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UNIFORM Z 

SCALED Z 

Figure 2.3(b). Phasor diagram showing voltage relationships for the standard 

and high dynamic range simulated L for the condition R3 < R6. 
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2.2.4. Dynamic Range Increase in the Type 3 FDNR 

The GIC structure shown in Figure 2.1 may also be used to simulate a fre-

quency dependent negative resistor, or FDNR. This element is realized by choos-

ing two of Z2 , Z4 or Z6 capacitive and the remaining impedances resistive. The 

choice of Z2 and Z4 capacitive results in superior high frequency performance of 

the FDNR [47]. Thus, for the Type 3 FDNR, the general impedances of equations 

(2.2.10) - (2.2.16) may be written as shown in equations (2.2.31) - (2.2.35). The 

expression for the driving point impedance of the GIC and the effective FDNR 

value may then be written as shown in equation (2.2.36). 

= O)C (2.2.3 1) 

= R3 (2.2.32) 

Z4 = (2.2.33) 

iflFDNR (s) 

= R5 (2.2.34) 

= R6 (2.2.35) 

= 1 = 1 = 1 

ZjflFDNR (s) S2Deff 2 [ C2R3C4R5 ] (2.2.36) 
R6 

Th e identities shown in equations (2.2.3 1) - (2.2.35) may be substituted into the 

general expressions in equations (2.2.10) - (2.2.17) to yield the magnitude and 

phase relationships shown in equations (2.2.37) - (2.2.43). 
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mag(V3) = V2 1 + 

arg(V3) = arctan 

mag(V4)=V2 ( R6 
1— R3-  

arg(V4) = arctan 

mag(I2) = V2 

I  O)R3CR5 2 

ii] 
I  (J)R3CR5 I 

1R6J 
)2 coR3C4 j + ]2]1/2 

R6  

coR3C4R5 

R6—R3 

O)2C2R3C4R5 

R6 

mag(I3) = V2 Ii I 
I 
I 

arg(i2) = it 

arg(I3)=O 

I coR3C 
______ it 

mag(I4) = V2 I ' arg(I4) I  = 

nmg(1)=V2 [cJ)2C2R3C4R5+1 ] , arg(i, 1)=it 

I11 
mag(I 2) = V2 [-- J [1 + (coR3C4)2 ]1/2 

arg(I 2) = - arctan(coR3C4) 

(2.2.37) 

(2.2.38) 

(2.2.39) 

(2.2.40) 

(2,2.41) 

(2.2.43) 

As in the case of the Type 1 simulated inductance, the most appropriate 

method for reducing I, is to raise R6. Referring to the expression for the FDNR 

driving point impedance, equation (2.2.36), this implies that C2, R3, C4, or R5 must 

be raised to compensate. Since raising R3 or C4 will raise i, 2, either C2 or R5 must 

be raised. As before, in order to minimize the effect of the mismatch on the inter-

nal GIC voltages, C2 should be raised. 
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As in the case of the Type 1 simulated inductance, the effect of raising R6 

and C2 is to preserve the magnitude and phase of i2, and reduce the magnitudes of 

v3 and all the GIC currents. The magnitude of v4 will once again either increase 

or decrease depending on the relative magnitudes of R3 and R6. 

Figure 2.4 shows the phasor diagram for the currents in the Type 3 FDNR 

GIC. The effect of raising R6 and lowering R2 is once again to lower the magni-

tudes of all currents in the GIC. An interesting feature of the Type 3 FDNR is that 

its internal currents, unlike those in the simulated inductor, maintain a constant 

phase relationship regardless of the R2 - R6 mismatch factor. Figure 2.5 (a) shows 

the GIC voltage relationship for the condition R3 >R6. As in the case of the induc-

tor, the mismatch reduces the magnitudes of the internal voltages. Figure 2.5 (b) 

ihows that the mismatch effect for R3<R6 is to increase the magnitude of V4 

slightly. As in the case of the inductor, the reduction in magnitude of all internal 

voltages and currents (with the possible exception of v4) in the Type 3 FDNR is 

accompanied by a change in the phase relationship between the phasors. 

2.3. Analysis of Non-Ideal GIC 

2.3.1. Exact Driving Point Impedance 

In the derivation of the GIC driving point impedance of Section 2.2.1, ideal 

elements were assumed. The ideal elements were characterised by infinite 

bandwidth, zero transfer error and infinite parasitic impedances. In practice, the 
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Figure 2.4. Phasor diagram showing current relationships for the standard 

and high dynamic range simulated FDNR. 
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I2z2 
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Figure 2.5(a). Phasor diagram showing voltage relationships for the standard 

and high dynamic range simulated FDNR for the condition R3> R6. 
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Figure 2.5(b). Phasor diagram showing voltage relationships for the standard 

and high dynamic range simulated FDNR for the condition R3 < R6. 
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circuit is constructed with transconductance elements which exhibit transfer error, 

limited bandwidth and parasitic impedances at each node. Thus a more realistic 

model of the GIC performance must include these non-idealities as shown in Fig-

ure 2.6. 

The element simulated by a GIC whose active elements are ideal is lossless 

that is it has no associated parasitic element. The analysis of a GIC whose active 

elements are non-ideal shows that the driving point impedance is composed of an 

ideal impedance in parallel with a parasitic impedance. For example, a non-ideal 

GIC whose elements are chosen to simulate an inductor (c.f. section 2.2.3) will 

actually realize an inductor with a parallel resistor. Similarly, a non-ideal GIC 

whose elements are chosen to simulate an FDNR (c.f. section 2.2.4) will actually 

realize an FDNR in parallel with a capacitance. The modified forms of the driving 

point impedance for these two cases are shown in equations (2.3.1) and (2.3.2). 

1 -  

-  

ZjflL (j (j)) - 1 eff() J(OLeff((J)) 

ZflFDNR (' 0)) = 
1  

ZjnFDNR CODeff + feff 

(2.3.1) 

(2.3.2) 

Although an algebraic solution for the non-ideal driving point admittance of 

the network in Figure 2.6 could be generated, it was not felt that this was efficient 

for two reasons. First, the amount of effort needed to solve for the input current 

alone is excessive, let alone algebraically back substituting for the other variables 

(such as the current through the floating nullor, i,, which is of particular interest). 

This procedure would yield equations with many dozens of terms, which would 
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Figure 2.6. Schematic of the 2 nullor GIC with non-ideal active components. 
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provide no extra physical insight into the operation of the circuit. Although one 

such equation was derived algebraically, attempts to approximate the equation 

proved unsuccessful, due to the larger non-ideal terms in the op-amp than in the 

floating nullor. Second, an algebraic solution is valid only for a particular model, 

and if the model topology is changed (fot example if a frequency dependent com-

mon mode gain term were included in the op-amp open loop characteristic) the 

equation is no longer useful. However, a modified admittance matrix may easily 

be formulated for a new topology and the result obtained immediately. 

Thus, the approach which has been taken is to formulate the non-ideal admit-

tance matrix for the network and solve the system numerically using Gaussian 

reduction [48]. Having obtained the numerical result for the driving point admit-

tance (which will be a complex number), the terms may be equated with the com-

ponents in (2.3.1) or (2.3.2) and the resulting values extracted, 

2.4. Characterization and modelling of the Active Components 

2.4.1. Open Loop Transfer Function of the LM356 

The op-amp chosen to implement the op-amp nullor GIC was the LM356. 

Although a 741 type would be more compatible with the lateral PNP technology of 

the bipolar nullor, its bandwidth is not sufficient to allow its use in filters designed 

to operate in the 500kHz - 1MHz range [49]. Other op-amps exist whose 

bandwidth is far superior to that of the LM356 (for example the Harris 2525 [50]), 
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however the LM356 was chosen to represent a compromise between high 

bandwidth and reasonable cost. 

In order to design generalized iminittance converters using the nullor - op-

amp approach, the transfer function of the op-amp in the follower mode must be 

accurately known. Experimentally, it is more convenient to measure the actual fol-

lower frequency response than the open loop frequency response. Having obtained 

the poles (and possibly zeros) of the closed loop transfer function, the equivalent 

open loop poles may then be calculated using the relationship between the open 

loop gain AOL(S) and the follower closed loop gain ACL(s) shown in equation 

(2.4.1). 

AOL(S) = ACL(s)  
1 - ACL(s) 

(2.4.1) 

A simple and widely used model of the amplifier's open loop gain is the dom-

inant pole model shown in equation (2.4.2). 

ADp(s) = 
A0 

A0 

1+s 
B1 

(2.4.2) 

Figure 2.7 (a) shows the controlled source implementation model of an op-amp 

with a dominant pole open loop frequency response. A model which was found to 

give much more accurate prediction of the measured follower response of the fol-

lower is the three pole - one zero model given in equation (2.4.3). 
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Asi(s) = A0  

+s A0 ][ 522 +5 . (00 ....+ i] l— 
B1 

(2.4.3) 

Figure 2.7 (b) shows the controlled source implementation of the three pole - one 

zero model. 

Figures 2.8 and 2.9 show the measured magnitude and phase characteristics of 

a typical LM356 and the performance of the simple dominant pole and the three 

pole - one zero models. In each model case, the parameters of the model have 

been adjusted by trial and error to give the best agreement with the measured data. 

Figure 2.8 shows that the simple dominant pole model gives an accurate prediction 

of the magnitude characteristic to approximately 2 MHz, while the three pole - one 

zero model gives agreement to approximately 7 MHz and models the slightly 

suppressed peak in the response. Figure 2.9 shows that the three pole - one zero 

model is superior in its phase prediction for frequencies greater than approximately 

400kHz, which is the region in which most high quality filters will be constructed. 

Table 2.4.1 gives the values of the model parameters for both cases. 



Figure 2.7(a). Controlled source model of the dominant pole op-amp. 

Figure 2.7(b). Controlled source model of the three pole one zero op-amp. 



Figure 2.8. Magnitude response of the LM356. 



Figure 2.9. Phase response of the LM356. 
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Parameter 

Value 

Dominant Pole 
Model 

3 Pole 1 Zero 
Model 

R0 

CO 

R1 

L1 

C1 

R2 

L2 

10O k2 

3 m 

- 

- 

- 

- 

- 

in 

4.87mP 

0.9380 

18.48 niH 

18.48nP 

100 kg 

400 pH 

Table 2.1. Values of passive components for the 356 models. 

2.4.2. Input and Common Mode Capacitances of the LM356 

Although the follower configuration of the op-amp allows determination of the 

open loop transfer function, this measurement does not allow determination of the 

input and common mode capacitances [51] of the amplifier. Figure 2.10 shows the 

controlled source model of the op-amp with the associated capacitances. The com-

mon mode capacitance associated with the non-inverting terminal, Ccm(,) appears in 

parallel with the input source, so it does not affect the transfer characteristic. If the 



Ccm(_) 

C in 

Vin 

vd 

 0 

vout 

Figure 2.10. Controlled source model of an op-amp including r0, Ccm(.) and Ccm(+). 
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output resistance r0 is not included, then the capacitance associated with the invert-

ing terminal, Ccm(..), appears in parallel with the output source, and the input capa-

citance C appears directly between the two sources, and hence the necessary 

current will flow through the sources. If r0 is included in the analysis, there will 

be a very weak feedback factor associated with the r0 - Ccm(..) - C1 network, but 

this will be almost unobservable in the follower transfer function. 

Two circuits were constructed to determine the values of the capacitances. 

These circuits were a non-inverting amplifier with a gain of 2, and an inverting 

amplifier with a gain of 2, as shown in Figure 2.11(a) and 2.11 (b) respectively. 

For both amplifiers, the input capacitance Cin and the common mode capacitance 

associated with the inverting terminal Ccm(..) will affect the overall transfer function 

of the system, since they contribute to the open loop feedback factor [51]. In the 

case of the inverting amplifier, both Cm and Ccm(.) appear from the inverting termi-

nal to ground. Thus, from a measurement of this transfer function, no information 

may be deduced as to the magnitudes of each, but a value for their sum may be 

determined. In the case of the non-inverting amplifier, Cin and Ccm(..) do not 

appear in parallel, and thus • will affect the response differently. An effective 

method for determining empirical values for these capacitances, therefore, is to 

match the response of the inverting amplifier closely, and use the value obtained 

for the sum of Cin and Ccm() as a bound on the individual values, determined from 

the non-inverting amplifier response. From the symmetry of the input stage of an 

op-amp, Ccm(+) may be set to the same value as Ccm(.). 



Vin 

30.2k 

 'VV  

Vin 

30.1k 

 w  
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Figure 2.11(a). Non-inverting amplifier test structure. 

24.4k 

50.3k 

 w  

Figure 2.11(b). Inverting amplifier test structure. 

 0 Vout 
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Figure 2.12 shows the measured and theoretical magnitude response, and Fig-

ure 2.13 shows the measured and theoretical phase response of the non-inverting 

and inverting amplifiers for the values of capacitance summarized in Table 2.4.2 

Capacitance Value 

3 p 

6 p 

6 p 

Table 2.2. Values of LM356 Input and Common Mode Capacitance. 

These plots show that the peaking in the magnitude response has two distinct 

characteristics by which the performance of the simulation may be judged : the 

maximum magnitude of the peak and the frequency of its occurrence. Table 2.3 

shows the accuracy of prediction of each parameter for the two amplffiers. 



Figure 2.12. Magnitude response of the inverting and non-inverting LM356 amplifiers. 'J) 
00 



Figure 2.13. Phase response of the inverting and non-inverting LM356 amplifiers. \0 
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Amplifier Parameter Error Predictiionn 

Inverting 
( peak 16% 

gainmax 2.6% 

Non-Inverting 
0 peak 14.9% 

gainmax 12.7% 

Table 2.3. Error in Prediction of LM356 Response Parameters. 

All of the parameters listed in Table 2.4.3 are within 16% of the measured values. 

Remaining discrepancies are probably due to the effect of frequency dependent 

common mode gain. The non-inverting amplifier of Figure 2.11 (a) is the most 

susceptable to this effect, since the input signal appears directly as a common 

mode signal at the op-amp terminals. However, the model of the 356 is more than 

adequate to predict the critical values of the GIC impedances to within the range of 

tuning. 

2.4.3. Characterization and Modelling of the Bipolar Nullor 

The bipolar circuit designed and constructed by Rao and Haslett [21] was 

found to exhibit transfer functions of the voltage follower and current follower 
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sections given in equations (2.4.3) and (2.4.4) respectively. 

f12(s) = [1 - e12  

f23(s) = [i e23 -ST23 

(2.4.3) 

(2.4.4) 

In order to model these transfer functions in a program such as SPICE, a 

method must be determined for obtaining the phase shift terms. A convenient 

solution is to use the lossless transmission line feature of SPICE. Figure 2.14 

shows the controlled source - transmission line model of the bipolar nullor. The 

parameters used in the model are summarized in Table 2.4.5. 
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Figure 2.14. Controlled source transmission line model of the bipolar nullor. 

Rmid Cmid 
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Parameter Value 

Rin 10 M92 

Cin 2 p 

Rd 7 M9 

Cfld 10 p 

Rout M92 

Cout 20 pF 

iø 

12 3.5 nsec 

e23 3x10 3 

4 nsec 

g1 O.5 f2 

Table 2.4. Parameters of the controlled source model of the bipolar nullor. 

The values of e and t may be determined by constructing a simple amplifier 

and using impedance values which move the poles due to the parasitic elements to 

very high frequencies. Once these values are known, the impedance level at termi-

nal 2 may be increased until the effect of the pole due to Cd is seen. The 

impedance level at terminal 3 may then be raised, and the value of Cout deter-

mined. A value for Cm may be found using an impedance bridge, and the value of 
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g determined from a measurement of the current flowing in terminal 2 under short 

circuit conditions. 

Figure 2.15 shows the prediction of the nullor magnitude transfer functions for 

both the voltage and current follower stages along with the measured responses for 

a simple inverting amplifier. The prediction of I f12(s) I is very close to the meas-

ured response, being within the resolution of the network analyser for frequencies 

below 6 Mhz. The measured I f3(s) I shows a complicated high frequency 

behavior due to the presence of the lateral PNP transistors in the signal path. 

However, the prediction is within 0.1 dB for frequencies below 1 Mhz, which is 

the range in which most filters willoperate. Figures 2.16 and 2.17 show the meas-

ured and theoretical phase responses for the same amplifier. The prediction of 

phase values is within 2 degrees of measured data for frequencies less than 1 MHz. 

2.5. Algorithms for Increasing Voltage Swing in the 2 VCCS GIC 

In section 2.2, methods were devised which allowed the current through the 

floating nullor to be decreased while not altering the driving point admittance. 

However, these techniques were based on the analysis of the ideal GIC, i.e. one in 

which the active elements had infinite bandwidth, zero transfer error, and no asso-

ciated parasitic impedances. 

However, in the case of the GIC whose active elements are non-ideal, the 

strategy must be altered for the following reason. The Q factor of an ideal GIC is 



Figure 2.15. Magnitude response of a bipolar nullor amplifier. 



Figure 2.16. Voltage follower phase response of a bipolar nullor amplifier. 0\ 



Figure 2.17. Current follower phase response of a bipolar nullor amplifier. 
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always infinite since the driving point admittance is always either real, in the case 

of a simulated FDNR, or complex in the case of a simulated L. A particular 

advantage of the two nullor GIC over the traditional two op-amp is that the Q fac-

tor may be maximized ("enhanced") at a particular frequency by choosing R6 equal 

to a "critical value" which is deteriiiined by the values of the other GIC 

impedances, the frequency of operation and the values of the parasitics and non-

ideal transfer functions of the active elements. Thus, if the value of R6 is to be 

raised, the condition for Q enhancement must be changed such that the new value 

of R6 will result in high Q factor. One method for raising the critical value of R6 

is to increase both Z3 and Z4 by an equal scale factor. 

Once the value of R6 has been increased to the new critical value, the current 

through the floating nullor will be lowered. However, the value of D or L will 

have been altered by the two operations. This value may be changed by scaling 

the value of impedance 22. Although in the ideal case the driving point impedance 

is proportional to the value of Z, in the non-ideal case the relationship is more 

complex, and in fact the two quantities may be inversely related. Thus it may only 

be said that the value of Z2 must be scaled to give the original value of L or D. 

Since there is a weak relationship between the Q factor and the value of Z2, this 

set of operations may have to be performed a few times before the original values 

of L or D and Q factor are achieved. 

These operations will not yield an exact value of decrease in the current I, 

because the relationship between the quantities depends on the specific values of 
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frequency and non-ideal parameters. Thus, to achieve a specific reduction in 

steps 1 and 2 should be performed iteratively until the desired reduction in I is 

attained. 

step 1 : 

Increase the impedances Z3 and Z4 by at least the value of the desired reduction in 

the current through the floating nullor. 

step 2 

Increase the value of R6 until a sufficiently high value of Q is obtained. 

step 3 : 

Change the value of Z2 until the original value of L or D is reattained. 

step 4 (if necessary) 

Tune the values of Z2 and R6 until a high-Q element with the correct L or D value 

is obtained. 

The operations described above lend themselves quite well to implementation 

in a computer program. The full expression for the driving point impedance may 
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be used, and the sequence terminated when specific accuracy of D or L and Q fac-

tor are obtained. In practice, the GIC's may need tuning to achieve very high 

(>100) Q factors due to the variation in parasitic capacitance and bandwidth from 

chip to chip. However, the steps outlined above serve to calculate a set of GIC 

impedances which are very close to those which will give high Q experimentally. 

Tables 2.5.1 and 2.5.2 show examples of the design process for the grounded 

L and FDNR respectively. In these examples, the original scaling of Z3 and Z4 is 

5. It may be seen from the Tables that the eventual scaling of I2 is less than this 

figure. 
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Parameter 
Initial 
Value 

Value After 

Step 1 

Value After 

Step 2 

Value After 

Step 3 

R2 2 kQ 2 kT1 2 k92 3830 

R3 2 kf2 10 kQ 10 k92 10 k≤ 

R4 2 kQ 10 k≥ 10 k92 10 k92 

C5 160 pF 160 pF 160 pF 160 pF 

R6 1240 Q 124092 4150 Q 415092 

L 615 p.H. 722 pH 3021 pH 612 pH 

Q 937 -1.85 902 348 

II 2ixiO3 1.42 1.38 0.44 0.44 

arg(I) -3.07 -3.04 -3.03 -3.03 

1v31 1.45 1.73 1.02 1.02 

arg(v3) 46.36 31.16 12.59 12.59 

f = 500 kHz 

Table 2.5. Example of Dynamic Range Increase Technique for Simulated Inductor. 
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Parameter 
Initial 
Value 

Value After 
Step 1 

Value After 
Step 2 

Value After 
Step 3 

Final 
Values 

C2 450 pF 450 pF 450 pF 1.1 nF 1.1 nF 

R3 1 k92 5 U2 5 k≥ 5 kQ 5 k 

C4 220 pF 44 pF 44 pF 44 pF 44 pF 

R5 1 k92 1 U2 I  1 k92 1k 

R6 1240 E2 1240 E2 525092 525092 5 k) 

D (x 1016) 1.29 1.08 0.51 1.25 1.27 

Q 655 3.6 862 -153 404 

II,ix1O3 1.01 1.10 0,26 0.26 0.27 

arg(I 2) -2.3 -2.53 -2.14 -2.14 -2.17 

v3I 1.35 1.09 1.07 1.07 1.06 

arg(v3) -41.96 -43.34 -19.48 -19.60 -19.97 

f=500kHz 

Table 2.6. Example of Dynamic Range Increase Technique for Simulated FDNR. 

For the high dynamic range elements, both I, and v3 are decreased. How-

ever, the reduction in v3 is much less than that of I,12 . Thus, if the input magnitude 

is increased until the value of I, reaches its maximum for linear operation, the 

value of v3 will have changed by the same scale factor, and will be much greater 
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than it was in the original design. It is for this reason that the op-amp is used in 

place of the grounded buffer VCCS. The op-amp chosen, the LM356, has a class 

AB output stage which allows it to handle the increased voltage swing at its output 

terminal (the junction of Z2 and Z3). 

2.6. Filters Constructed with the Op-Amp VCCS GIC 

2.6.1. Second Order Simulated L Bandpass Filter 

In order to test the accuracy of the op-amp and bipolar nullor models for 

simulated inductors, a simple LC resonant second order bandpass filter was 

designed and constructed using a GIC to simulate the inductor as shown in Figure 

2.18. The values of the filter components are summarized in table 2.6.1. Table 

2.6.2 lists the values of GIC components used, and the L and Q values predicted 

by the numerical solution for the non-ideal network's driving point admittance (c.f. 

Appendix B). 

Filter Component Value 

Rf 

Cf 

133 k≤ 

221 pF 

Table 2.7. Values of Filter Components for Simulated L Bandpass Filter 
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R f 1 
Vout 

2 

Figure 2.18. Second order bandpass filter schematic. 
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GIC Parameter Value 

R2 

R3 

R4 

C5 

R6 

2.00 k≤ 

1.99 k 

2.00 k≤ 

160 p 

1121.6 

Q(l) 

548 j.UI 

-30 

(1) : from numerical solution of input admittance (c.f. Appendix B), f = 500 kHz. 

Table 2.8. Values of GIC Components for Simulated L Bandpass Filter 

The measured and SPICE predicted magnitude response of the filter is shown 

in Figure 2.19, and the measured and SPICE predicted phase response is shown in 

Figure 2.20. Although the magnitude response is closely modeled by the SPICE 

simulation, the effect of the negative inductor Q factor may be seen from the phase 

response. While a negative Q factor is only a necessary condition for instability, in 

this filter the Q is negative and small enough so that the filter is unstable, as shown 

by the 180 degree phase shift at the center frequency (c.f Appendix Q. Thus the 

SPICE prediction of Q factor is different than that actually encountered in the lab, 



Figure 2.19. Magnitude response of the bandpass filter. 



ut Figure 2.20. Phase response of the bandpass filter. 
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while the prediction of the inductance is within 5 %. 

Value 

Parameter 

Simulation Experimental 

coo 

Q (1) flit 

456 kHz 

70 

467 kHz 

100 

':Qflit [ -;E;- I 
Table 2.9. Performance Parameters for the Nullor - Op-Amp Bandpass Filter 

2.6.2. Third Order Tschebyscheff Lowpass Filter with Simulated FDNRs 

In order to test the modeling of a simulated FDNR, the third order Tsche-

byscheff lowpass filter shown in Figure 2.21 was constructed. The values of the 

filter and GIC components used are summarized in Table 2.6.4. 
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Vout 

C f 4 
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Figure 2.21. Third order Tschebyscheff lowpass filter schematic. 
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Filter Component Value 

Cr, 180 p 

Rf2 3581 92 

Rf3 3588 f2 

Cf4 180 p 

Table 2.10. Values of Filter Components for Third Order Simulated FDNR 

Tschebyscheff Lowpass Filter. 

Figure 2.22 shows the measured and SPICE simulated magnitude response of 

the filter, while Figure 2.23 shows the details of the passband edge. The measured 

and SPICE predicted phase responses appear in Figure 2.24. In this filter, the 

prediction of low Q factor for the D element results in a slight reduction of the 

value of the magnitude response at the passband edge. However, the prediction of 

the actual corner frequency is close, indicating that the D value is being predicted 

well, while the Q factor prediction is less accurate. 
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Figure 2.22. Magnitude response of the Tschebyscheff lowpass filter. 

1 e+06 

ON 



M
a
g
n
i
t
u
d
e
 

0-

- 5— 

- MEASURED 

-- SPICE 

- 

- 

—10  1 e+06 
1 e+05 

Frequency (Hz) 

Figure 2.23. Detail of the passband of the Tschebyscheff lowpass filter. 0\ 
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GIC Parameter Value 

C2 

R3 

C4 

R5 

R6 

757.6 pF 

8.15 k≤ 

46.8 pF 

510 

54760 

Q(l) 

7.34 x 10-17 

12 

(1) : from numerical solution of input admittance (c.f. Appendix A), f = 500 kHz. 

Table 2.11. Values of GIC Components for the Third Order Simulated FDNR 

Tschebyscheff Lowpass Filter. 

2.6.3. Fifth Order Elliptic Lowpass Filter with High Dynamic Range FDNRs 

In previous work by Rao and Haslett [20], the fifth order elliptic lowpass filter 

with a corner frequency of approximately 500 kHz and two stopband zeros shown 

in Figure 2.25 was constructed. To demonstrate the usefulness of the dynamic 

range increase technique, a filter of identical structure was constructed with GICs 

whose dynamic range was designed to be 5 times that of the previous design. 

Table 2.6.7 shows the values of the passive filter components, and Table 2.6.8 
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Figure 2.25. Fifth order elliptic lowpass filter schematic. 
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shows the values of the passive GIC components and the associated D and Q 

values as determined by solution of the admittance equations (c.f. Appendix A). 

Filter Component Value 

C11 305.4 pF 

R12 1855.9 

R13 366.9 

R14 2133 ≤ 

R15 1095 

1427 92 

C17 305.6 pF 

Table 2.12. Values of Filter Components for the Fifth Order Simulated FDNR 

Elliptic Lowpass Filter. 
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GIC Parameter Value: GIC 1 Value: GIC 2 

C2 698 p 590 p 

R3 49700 4593 

C4 48.9 pP 38 pF 

R5 100692 11l0 

R6 5039 n 4422 

D (1) 8.39 x 10-17 6.87 x 10 17 

Q(l) 621 •28 

(1) : from numerical solution of input admittance (c.f. Appendix A), f = 500 kHz. 

Table 2.13. Values of GIC Components for the Fifth Order Simulated FDNR 

Elliptic Lowpass Filter. 

Figure 2.26 shows the measured and SPICE simulated magnitude responses of 

the fifth order filter. Figure 2.27 shows an expansion of the passband edge of the 

filter. Figure 2.28 shows the measured and SPICE simulated phase response of the 

filter. The SPICE prediction of the GIC Q is slightly less than that encountered in 

practice as evidenced in the small passband edge droop in the SPICE curve, how-

ever the prediction is within tuning range of the actual Q enhancement point. As 

expected, the differences are more subtle in the case of the phase response. 
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Figure 2.26. Magnitude response of the fifth order elliptic lowpass filter. 

1 e+06 



0— 

- MEASURED 

-- SPICE 

—2-

- 4-. 

M
a
g
n
i
t
u
d
e
 

—6-

- - 
= - - - - - - 

-8— 

-10  I I I 'I  
1e+05 

Frequency (Hz)  

Figure 2.27. Detail of the passband of the fifth order elliptic lowpass filter. 



Figure 2.28. Phase response of the fifth order elliptic lowpass filter. 0 
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2.6.4. Distortion Performance of the High Dynamic Range Filter 

In order to quantitatively assess the increase in signal handling capability of 

the filters constructed using the high dynamic range GIC, a filter identical to the 

one described in section 2.6.3 was constructed using GICs with balanced 

impedances. A distortion meter was used to measure the total harmonic distortion 

(THD) of the output signal of each filter at three frequencies: 1kHz, 10kHz and 

50kHz. Figure 2.29 shows the measured THE) of each filter as a function of peak 

to peak output voltage for the three frequencies. This plot shows that for a given 

value of distortion, the corresponding output voltage of the scaled impedance GIC 

filter is approximately 5 times that of the uniform impedance GIC filter. For 

example, if a value of 0.2% THE) is desired, the maximum output voltage of the 

uniform Z filter is approximately 0.9 V while the maximum output voltage of the 

scaled impedance filter is approximately 4.6 V. 

2.7. Comparison with the Two Op-Amp GIC 

2.7.1. Introduction 

Figure 2.30 shows the traditional two op-amp GIC, which, assuming ideal 

op-amps, realizes the same driving point impedance as the GIC shown in Figure 

2.1 (c.f. equation (2.2.17)). A critical superiority of the bipolar based nullor filters 

built by Rao and Haslett was that they were far superior to filters whose simulated 
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zin o  

Figure 2.30. Two Op-Amp GIC. 
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elements were realized using the op-amp based GIC and op-amps fabricated in the 

same technology as the nullor, namely the 741 [47]. However, use of the LM356 

as the voltage buffer in the GIC of Figure 2.1 invites comparison between the per-

formance of filters whose simulated elements are realized with two op-amp GICs 

using LM356's and the nullor op-amp GIC using an LM356. 

2.7.2. Q enhancement in the Two Op Amp GIC 

The GIC shown in Figure 2.30 has been extensively analysed [14], and it has 

been found that for both the simulated L and FDNR elements, a suitable choice of 

impedance types leads to a simplified Q enhancement condition which does not 

require matching of the op-amp unity-gain bandwidths. These impedance identities 

are summarized in Table 2.7.1. 

The conditions for Q enhancement of the type 2 inductor and type 3 FDNR 

have been found to be those given in equations (2.7.1) and (2.7.2) respectively. 

R3=R4 

R3=R5 

(2.7.1) 

(2.7.2) 

It has also been shown [14] that although the Q factor may be enhanced, the 

high frequency residual Q factor of the two op-amp GIC rolls off as 
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Impedance Type 2 L Type 3 FDNR 

Z2 

Z4 

Z5 

Z6 

R2 

R3 

R4 

1 

1 

R3 

R4 

R5 

1 

(005 

Table 2.14. Identities of Impedances for Simulated L using Two Op-Amp GIC. 

2.7.3. Fifth order elliptic Iowpass filter using 2 op-amp GICs 

Tables 2.7.2 and 2.7.3 give the values of the filter and GIC components 

respectively for the two op-amp GIC elliptic lowpass filter. 
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Filter Component Value 

Cf1 

Rf2 

Rf3 

Rf4 

Rf5 

Rf6 

'Cf7 

318 pF 

1861 c 

372 fl 

2140 91 

110692 

1427 92 

318 pF 

Table 2.15. Values of Filter Components for the Fifth Order Simulated FDNR 

Two Op-Amp GIC Elliptic Lowpass Filter. 

The Q enhancement condition of equation (2.7.2) has been ensured in the 

actual GIC to an accuracy of 0.1 %, thus this filter represents the maximum achiev-

able Q in the simulated elements. 
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GIC Parameter Value: GIC 1 Value : GIC 2 

C2 210 pF 130 pF 

R3 863 92 1958 ≤ 

R4 863 92 1958 ≤≥ 

R5 8630 1958 ≤2 

C6 210 pF 130 pF 

Table 2.16. Values of GIC Components for the Fifth Order Simulated FDNR 

Two Op-Amp GIC Elliptic Lowpass Filter. 

2.7.4. Fifth Order Elliptic Lowpass Filter Results 

Figure 2.31 shows the performance of the fifth order elliptic lowpass filter of 

Figure 2.25 built using the two op-amp GIC compared with the performance of the 

same filter built using the nullor-op-amp GIC (essentially a repeat of the data of 

Figure 2.26). Figure 2.32 shows the detail of the passband edge for the two filters. 

Figure 2.33 shows the phase response of each filter. 

The phase response of Figure 2.33 shows a slightly better performance of the 

nullor op-amp filter in the form of sharper phase transitions at the stopband zero 

frequencies. However, the difference between the two is quite obvious in the mag-

nitude plots of Figures 2.31 and 2.32. These Figures show clearly that the perfor-

mance of the nullor op-amp filter is superior to that of a two-op-amp structure 



Figure 2.31. Magnitude Response of the Two Op-Amp and Nullor-Op-Amp Filters. 00 
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using equivalent op-amps. The excessive "droop" at the bandedge is indicative of 

Q factor degradation in the simulated elements. Although the two op-amp filter 

would still be usable in non-critical applications, the absence of the last passband 

ripple lobe would render the two op-amp filter unusable in situations where sharp 

discrimination at the passband edge was necessary. 



CHAPTER 3 

CMOS CLASS A VCCS 

3.1. Description of Basic Circuit 

The basic CMOS class A VCCS is shown in Figure 3.1. The differential pair 

transistors m5 and m6 combine with the current mirror to form a differential tran-

sconductance stage biased by the dc source 1Ba7• Voltage follower action between 

terminals 1 and 2 is provided by transistor m7, which is biased by dc source 

The action of m7 is to reduce the differential voltage across the trans conductance 

stage by providing amplification and feedback of the small signal transconductance 

current. The current follower - level shifter consists of transistor m8 which is 

biased by source 1B,1,,• A small signal current flowing in R2 will be routed through 

m7 and m8 and transferred to terminal 3. Transistor m8 provides level shifting to 

allow a voltage swing at terminal 3 without changing the small signal current 

flowing in terminal 3. 

3.2, Static Analysis of the Class A Voltage Follower 

Figure 3.2 shows the voltage follower section of the CMOS VCCS. A critical 

requirement of the voltage follower is that it exhibit zero voltage at terminal 2 for 
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Figure 3.1. CMOS VCCS Block Diagram. 
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Figure 3.2. CMOS Voltage Follower Schematic. 
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a grounded input at terminal 1. For example, in an application in which the circuit 

is embedded in a generalized imniittance converter, a voltage offset would cause a 

current to flow in the GIC with both inputs grounded, which would not be a 

characteristic of the element being simulated, and which might limit the dynamic 

range of the circuit. 

The static analysis of the voltage follower will begin with a description of the 

circuit's operating point. Next, the condition for zero offset and the effect of 

transistor mismatches on the output offset voltage will be examined for both the 

simple and channel shortening Weimer models. A small signal analysis of the cir-

cuit will then be performed using both the simple and channel shortening models. 

A modification of the differential pair mirror which improves the transfer accuracy 

of the follower will then be suggested. 

3.2.1. Bias Considerations 

The differential pair bias current IB,,f will split between the two halves of the 

transconductance stage in a ratio which depends on the geometry ratio of the p 

channel current mirror transistors. Assuming the potential at terminal 1 is defined, 

the potential at terminal 2 is thus defined through the gate source drops of the 

differential pair transistors. The drain potential of transistor m5 is defined by the 

gate source drop of the mirror input transistor ml. The bias current 'B10, flowing 

through transistor m7 establishes a gate source potential on that transistor, which in 

turn (since V2 is defined) sets the potential of the drains of transistors m2 and m6. 
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Thus all the nodes in the circuit are voltage defined, and a stable quiescent bias 

state may be achieved. 

Referring to the schematic of Figure 3.2, the equations governing the opera-

tion of each device may be written as equations (3.2.1) - (3.2.8). 

VsG2 = V501 

= V1 - GS5 + VGS, 

VSD1 = SG1 

SD2 = DD - GS7 

DS5 = DD - VSGI + VOS5 

DS6 = VGS7 + VGSs 

VD S,  VDD 

'B,, = Ii + 12 

(3.2.1) 

(3.2.2) 

(3.2.3) 

(3.2.4) 

(3.2.5) 

(3.2.6) 

(3.2.7) 

(3.2.8) 

Since transistor ml is diode connected, it is always in its saturation region of 

operation. Referring to equation (3.2.4), the source drain voltage of transistor m2 

depends on the supply voltage and the gate source drop of transistor m7. Thus the 

choice of geometry for m7 must ensure that its gate source drop will be small 

enough that the mirror output transistor remains in its saturation region. The drain 

source voltage of transistor m5, given by equation (3.2.5), will be large provided 

the geometry of the mirror transistor ml does not cause its source gate voltage to 

be large. The drain source voltage of transistor m6, referring to equation (3.2.6), is 

dependent on the gate source drop of m7. Thus a tradeoff exists in the choice of 
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geometry for m7 in that either the drain source voltage of m6 or the source drain 

voltage of m2 may be maximized. In practice, dynamic range will be maximized 

if the gate potential of m7 is such that the drain source voltage of m6 and the 

source drain voltage of m2 are approximately equal. This condition may be 

derived from equations (3.2.4), (3.2.6) and is given in equation (3.2.9). 

- DD - VGS6 

GS 2 

3.2.2. Zero Offset Analysis using Ideal Transistors 

(3.2.9) 

In the first analysis of the follower circuit, the model used for the transistors 

will be the simple Weimer model [52] . The model for an n channel transistor is 

summarized in equations (3.2.10) - (3.2.12). 

IDS = 

IDS = k (WIL )(2VDS(VGS - VT) - VDS 2) 

IDS = k (WIL )(VGs VT)2 

where 

VGS < VT 

VGS > VT VDS ≤ VGS - VT 

VGS > VT VDS ≥ VGS - VT 

'Ds = drain source current 

• VDS = drain to source voltage 

GS = gate to source voltage 

JL 
k = 2 = transconductance parameter 

(3.2.10) 

(3.2.11) 

(3.2.12) 
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(WIL) = width to length ratio of the channel 

VT = threshold voltage 

For a p channel transistor, the equations are valid if the drain source and drain gate 

voltages are reversed to become source drain and source gate voltages and the 

sense of IDS is reversed. In this case, the threshold voltages are positive for both 

types of devices. 

Since all the devices are operating in their saturation regions, that is the con-

ditions V05 > VT and VDS > V05 - T are satisified and equation (3.2.12) 

describes the device operation, the drain current equations for each device may be 

written as shown in equations (3.2.13) - (3.2.17). 

,SDI = I = k, (WIL )1(VsG1 - VT)2 

'SD2 = 12 = k (W/L )2(Vso2 - VT)2 

'DS5 = I = kfl(W/L)5(VGs5 VT)2 

IDS, = 12 = k (W/L )6(VGs6 - VT)2 

'Bfd = kfl(W/L)l(VG - VT)2 

Assuming matched k and V for transistors ml and m2, 

be derived for the gate source drop of the mirror transistors as 

(3.2.18). 

(3.2.13) 

(3.2.14) 

(3.2.15) 

(3.2.16) 

(3.2.17) 

an expression may 

shown in equation 

VSGI = V 02 = VT + k ((WIL )i + (WIL )2) ]½ (3.2.18) 
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Referring to equation (3.2.2) , if terminal 1 is grounded (V1 = 0), then in 

order for the voltage at terminal 2 to be zero, the condition shown in equation 

(3.2.19) must be satisfied. 

V2 = 01 —> VJs5=Vs6 
lvi = 0 

(3.2.19) 

Substituting the condition shown in (3.2.19) into equations (3.2.15) - (3.2.16) 

and equating the ratio of equation (3.2.13) to (3.2.14) to the ratio of equation 

(3.2.15) to (3.2.16), the zero offset voltage condition for the circuit may be shown 

to be equation (3.2.20). 

(W/L)1 (W/L)6 — 1 

(W/L)2 (W/L)5 - 

(3.2.20) 

Thus equation (3.2.20) shows that if the geometry ratios of the mirror transis-

tors and differential pair transistors are both unity, the zero offset condition will be 

satisfied. Mathematically, equation (3.2.20) also shows that the geometry ratios 

may be unbalanced by reciprocal amounts. It further shows that the geometry 

ratios need not be unity, as long as the ratio shown in (3.2.20) is unity. Physically, 

this means if the mirror geometries are mismatched by a factor k, then the quies-

cent currents in the differential pair will also be mismatched. Thus if the two gate 

source drops are to be equal, the differential pair geometries must be mismatched 

by a reciprocal factor to account for the difference in bias current. 
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Ensuring that equation (3.2.20) is satisfied however, may not result in zero 

offset voltage in practice due to mismatches in the transistor characteristics. This 

may be demonstrated by assuming that there exists a mismatch in either the mirror 

or differential pair transistors such that the voltage at 2 is positive. This will cause 

a current to flow in R2, and hence through transistor m7, increasing VGS7. Thus, 

since V2 is positive, and V GS, is increased, the potential at the gate of transistor m7 

will rise. This will in turn lower the potential VSD2 , in accordance with equation 

(3.2.4). However, since the currents in transistors m2 and m6 do not depend on 

their drain source voltages, as shown in equations (3.2.13) and (3.2.14), there will 

be no effect on the current flowing in the differential pair. Thus, in the ideal case, 

there is no feedback effect from terminal 2 to the differential pair to cause the 

effect of the mismatch to be reduced. 

3.2.3. Mismatch Induced Offset Voltage - Simple Model 

Since an actual implementation of the voltage follower circuit will suffer from 

transistor mismatches, it is therefore pertinent to quantitatively assess the effect of 

these variations on the output offset voltage. 

An expression for the gate source drop of transistor m5 may be derived by 

equating equations (3.2.13) and (3.2.15). This expression is shown in equation 

(3.2.21). Similarly, an expression for the gate source drop of transistor m6 may be 

derived by equating equations (3.2.14) and (3.2.16). This expression is shown in 

equation (3.2.22). 
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''GS, 

[kPl(W/L)l(VsG1 - VTp1 )2 

[ k 2(W IL )2(VsG, - VT)2 )Vz 

k6(WIL)6 j 

k5(W/L)5 
(3.2.21) 

+ VT (3.2.22) 

Substituting equations (3.2.21) and (3.2.22) into the expression for V2, equa-

tion (3.2.2), the final expression for V2 becomes equation (3.2.23). 

I Ik(WlL)2 1/2 
,2  

V2 = VsQ1 ttkfo16 I k1(W/L)1 

k5(W/L ) 

½ 

+ (VT 06 —VT) 

½ 

[PI  f I —VT Ik2(W/L)2 +VT  
k1,5(W/L)5 

]½ 

(3.2.23) 

The zero offset geometry relationship shown in equation (3.2.20) may be used 

to simplify equation (3.2.23) to (3.2.24). 

2 [(wIL)2 

- (W/L)6 k5 so1) 
I k,2 

— [](VT2 — VSG1)] 

+ (VT - VT) (3.2.24) 

Although a general interpretation of equation (3.2.24) is not easily made, the 

relationship does show that the sensitivity to errors in the k and VTPvalues may be 

minimized by ensuring the condition shown in equation (3.2.25). 
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(W/L)6 > (W/L)2 (3.2.25) 

Equation (3.2.24) also shows that a mismatch in the differential pair VT values will 

appear directly as a voltage offset. Physically, equation (3.2.25) is suggesting that 

in order to minimise the effect of mismatches in the mirror, the gate source drop of 

the differential pair transistors should be larger than that of the mirror transistors. 

This means the effect of a current mismatch will be less pronounced in the 

differential pair and lead to less offset at terminal 2. 

3.2.4. Zero Offset Analysis using Channel Shortening Model 

One of the principal limitations of an integrated CMOS analog circuit is the 

channel shortening effect inherent in both the n and p channel devices. The term 

channel shortening refers to the spread of the pinch-off region into the channel, 

which results in a decreased effective channel length and an increased effective 

geometry ratio [52]. The result of this effect is to introduce a dependence of drain 

current on drain source voltage after pinch off. In order to account for this effect, 

the Weimer drain current expression for the saturation region shown in equation 

(3.2.12) is usually modified to include a factor A., called the channel shortening 

parameter. The modified Weimer model is shown in equation (3.2.26). 

'DS = k(W/L)(VGs - VT)2(l + A.VDs) VDS VGS - VT (3.2.26) 

An analysis of the exact relationship between A. and the device characteristics 

is quite involved and depends on the particular model used for the transistor [53]. 
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The value of ?. is typically derived empirically for a given fabrication process by 

measuring the slope of the 'DS Ds characteristics after pinch-off. For the NTE 

CMOS lB process the value of lambda for an n channel device is typically 0.01, 

while for a p channel device it is typically 0.03 [54]. Thus, for a V DS value of 5 

volts, the WDS product for a p-channel device is of the same order of magnitude 

as 0.1, and the ( l+2VDs) term will modify the drain current value significantly. 

Using the definitions of drain source voltages for the transistors shown in 

equations (3.2.3) - (3.2.7), and the new drain current equation (3.2.26), the new 

expressions for the drain currents of the devices may be written as shown in equa-

tions (3.2.27) - (3.2.31). 

'SD 1 = Ii = kp(W/L)l(VSG1 - VT,)2(1 + VsG1) (3.2.27) 

TSD2 = 12 = k (WIL )2(VsG2 - VT)2(1 + - V0s7)) (3.2.28) 

'DS5 = Il = k(W/L)s(Vcs - VT)2(1 + VDD - VSGI + VGs)) (3.2.29) 

1DS6 = 12 = k(W/L)6(Vos6 - VT)2(1 + ?(VG + Vas6)) (3.2.30) 

'DS7 = 'B10, = kfl (W/L)7(VGs7—VT )2(1 + 2VDD) (3.2.31) 

The practical manifestation of the non-zero X is that the currents through 

matched devices with the same gate source voltage are equal only if the drain 

source voltages are equal. Since the value of the gate source voltage of transistor 

m7 must be chosen to be less than the value of the source gate drop of transistors 

ml and m2, the source drain voltages of the mirror transistors and the drain source 

voltages of the differential pair transistors will not be equal. Thus for matched 
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mirror transistors with identical geometries, the current through the transistors will 

be unequal. Unequal currents through the mirror transistors and hence through the 

differential pair transistors will cause unequal gate source drops for a matched 

differential pair, which will lead to the appearance of an offset voltage at terminal 

2. Clearly, therefore, the constraint in equation (3.2.20) is no longer valid in the 

case of non-zero ? and small VG. Thus, if the follower is to have zero offset, the 

effect of the finite 2 must be included in the analysis. 

Using equations (3.2.8) and (3.2.27) - (3.2.28), the new expression for the 

source gate voltage of the mirror transistors may be shown to be the solution of 

equation (3.2.32). 

where 

x= 

VSG13+aVgG12+bVso1+c =0 

1 

XP 

a = x - 2VT 

b =VT(VT -2x) 

C = VX - y 

I (W/L)2 
+ (W/L) (1 + - VGS7))] 

y = k(W/L)12 

(3.2.32) 

Using the standard solution for the zeroes of a cubic equation [55], the value 

of the source gate drop of the mirror transistors may be shown to be that in equa-

tion (3.2.33). 
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VSG1 = V2 = x(2cos(--) - 1) + 2V.r(cos(--) - 1) (3.2.33) 

where: 

4) arccos I 27y 
2(x + VT?3 1  

As in the previous section, the constraint on the geometries for 

may be derived as equation (3.2.34), where the geometry factors for 

have been grouped with the term involving the gate source drop of 

transistors to indicate their interdependence. 

(W/L)6 - (W/L)2 

(W/L)5 - (W/L)1 

1 + ?(VDD - TSG1 + VGS) 

1 + ?(VGS7 + VGS) 

1 + ? I,(VDD - Vcs) 

1 + 

] 

zero offset 

the mirror 

the mirror 

(3.2.34) 

Taylor series expansion may be used to derive the approximation shown in 

equation (3.2.35). 

1+z 1 - 

  1 + 2(z 1 - z2) - 22z2(z 1 - z2) + A.3z22(z 1 - z2) - . (3.2.35) 
1 + Az2 - 

Since the terms ?z1 and ?z2 are generally at least an order of magnitude less than 

1, equation (3.2.35) may be simplified to equation (3.2.36). 

1+Az1 - 

  1 + 7(z 1 - z2) 
1 + ;k22 - 

(3.2.36) 
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Thus, using equation (3.2.36), equation (3.2.34) may be written as equation 

(3.2.37). 

(W/L)6 - (W/L)2 
(W/L)5 - (W/L)1 (1 + n(''TDD - VSG+ Vos5 - VGS7 - VGs6)) 

(l + A.P(VDD - VGS7 - Vs0)) (3.2.37) 

If the zero offset condition VGSS = GS6 is imposed, equation (3.2.37) 

becomes (3.2.38). 

(W/L)6 - (WIL)2 
(W/L)5 (W/L)1 (1 + (? + + ,.IA.,)(VDD - GS7 - VsG1)) (3.2.38) 

Finally, ignoring the second order ?.2 term in equation (3.2.38), the zero offset 

constraint becomes equation (3.2.39). 

(W/L)6 W/L)2 
(W/L)5 - (W/L)1 (1 + ( + )( DD - VGS1 - SG,)) (3.2.39) 

If ? and 2 go to zero, the expression reduces to that of equation (3.2.20), 

which is intuitively correct since the former equation was derived neglecting the 

dependence of drain current on drain source voltage. Clearly, it is possible to use 

matched mirror and differential pair transistor geometries by ensuring the condition 

shown in equation (3.2.40) is met. 

DD - GS7 = VSGI (3.2.40) 

Physically, this amounts to choosing the gate source drop of m7 such that the 

source drain voltages of ml,m2 and the drain source voltages of m5,m6 are 
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matched. In this case, the expression reduces to that of equation (3.2.20) since if 

the drain source voltages are matched, the channel shortening effect will be 

matched. However, dynamic range considerations dictate that the gate source drop 

of m7 must be chosen to be less than the value given by equation (3.2.40) (c.f. 

equation (3.2.9)), so in practice the geometries will not all be matched. 

3.2.5. Mismatch Induced Offset Voltage - Channel Shortening Model 

An analysis of the effect of transistor mismatches on the output offset voltage 

including the effect of channel shortening is not as straightforward as in the ideal 

model case of section 3.2.3. Solutions of cubic equations are necessary for both 

the source gate drops of the mirror transistors, and the gate source drops of the 

differential pair transistors. Little physical insight can be gained from the solution 

of these equations. Instead, simulation results are shown in Table 3.1 to confirm 

that the general guideline shown in equation (3.2.25) is useful in the more realistic 

non-zero A. case as well. 
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)In XP 

(W/L)6 (W/L)5 I 

V2 kp  = le-2 

I 

2 jkp  = 1.le-2 (w/L)2 (w/L)1 

0,0 0.0 

1.0 

2.5 

5.0 

1.0 

2.5 

5.0 

0.0 mV 

0.0 mV 

0.0 mY 

47.6 mV 

33.7 mV 

23.8 mV 

0.02 0.04 

1.0 

2.5 

5.0 

0.82 

2.05 

4.1 

-0.8 mV 

-0.4 mV 

-0.2 mV 

72.4 mV 

47.9 mV 

34.7 mV 

Table 3.1: Effect of (W/L)6/(W/L)2 on Output Offset Voltage 

3.3. Low Frequency Small Signal Analysis of Class A Voltage Follower 

3.3.1. MOSFET Small Signal Parameters 

In order to perform a small signal analysis of the circuit of Figure 3.2, the 

small signal models of the transistors must be derived. The important parameters 

for the small signal analysis are the transconductance g, and the output conduc-

tance g0. The definitions of these parameters are shown in equations (3.3.1) and 

(3.3.2) respectively. 
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aIDS I 
gnl = 

QVGS I DS = 

aIDS 
g0 = 

°DS I GS = const. 

(3.3.1) 

(3.3.2) 

Thus, a low frequency small signal nullor model for both n and p channel 

transistors may be constructed as shown in Figure 3.3. 

3.3.2. Small Signal Transfer Accuracy Using Ideal Weimer Model 

For the simple Weimer model of equation (3.2.12), the expressions for the 

small signal parameters defined in equations (3.3.1) - (3.3.2) are given in equations 

(3,3.3) and (3.3.4). 

girt = 2k (WIL )(VGS—VT) (3.3.3) 

g0 = 0 (3.3.4) 

Using the definitions of drain current for the ideal model given in equations 

(3.2.13) - (3.2.17), the expression for the transconductance of each device may be 

written as shown in equations (3.3.5) - (3.3.6). 

gmx = 2k(W/L)(Vso1 - VT) I 
= 1,2 

gmx = 2k (WIL ) (VGSX - 

VT) Ix = 5,6,7 

(3.3.5) 

(3.3.6) 
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Figure 3.3. Small Signal MOSFET Nüllor Model. 
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In section 3.2.2, a geometry constraint was derived which would ensure zero 

offset for the follower assuming matched k and VT for the mirror and differential 

pair. Equations (3.3.5) and (3.3.6) may be rewritten in terms of the geometry 

• ratios, and substituted into equation (3.2.20). The resulting expression, shown in 

equation (3.3.7) is a small signal analogue of the static zero offset constraint. 

g, g, 6 

g, 2 g,, 5 
= 1 (3.3.7) 

Figure 3.4 shows the circuit of Figure 3.2 with the small signal nullor transis-

tor circuit of Figure 3.3 corresponding to the ideal Weimer model substituted for 

each transistor, with the exception of the mirror output transistor m2. If the output 

conductance of m2 is not included in the analysis, then the small signal output 

current which is produced by a differential voltage across the transconductance 

stage, represented by i2 in Figure 3.4, will have no path in which to flow out of 

the stage. Practically, this means that the follower will exhibit perfect transfer 

accuracy regardless of the other transistor characteristics since if the current may 

not flow, then its cause may not occur, i.e. a differential voltage may not exist 

across the transconductance stage. ( The definition of the output conductance of 

m2 in terms of circuit parameters will be delayed until section 3.3.3). 

The circuit of Figure 3.4 may be described by equations (3.3.8) - (3.3.11). 

I  
= (v - v1) [ ms + g, 6 ] (3.3.8) 



102 

Figure 3.4. CMOS Voltage Follower Circuit for Small Signal Analysis. 
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= 

12 
V4 = - 

g02 

] (3.3.9) 

(3.3.10) 

0 = v2g2 + (v4 - v2)g 7 (3.3.11) 

The solution of equations (3.3.8) - (3.3.11) is straightforward and yields the 

expression for the transfer accuracy of the voltage follower shown in equation 

(3.3.12). 

V1 

902 

g02 + 
Ig, 5g, 6 1 1 
[ems + gm6 j 

+ 

I m1 j [g2 + 9M7] (3.3.12) 

Substituting the constraint shown in equation (3.3.7) into equation (3,3.12) 

yields equation (3.3.13). 

V2 

=1 
V1 

902 

g02 +g 6   
92+ I (3.3.13) 

For the case of zero output conductance of transistor m2 (g02 -* 0), the 

expression of equation (3.3.13) clearly reduces to 1, which, as argued previously, 

implies perfect transfer accuracy. 
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3.3.3. Voltage Follower Circuit Model 

A ciruit model of the voltage follower which uses ideal an ideal nullor may 

be drawn as shown in Figure 3.5. This circuit models the finite low frequency 

transfer error using a resistor divider, and yields a close approximation of the cir-

cuit performance for large values of 92. The overall transfer function of this 

equivalent circuit may be written as shown in equation (3.3.14). The small signal 

output impedance seen looking in to terminal 2 with terminal 1 at ground is given 

by equation (3.3.15). 

V2 mf01 

gout,=  92 + g + g010, 

(3.3.14) 

(3.3.15) 

One relationship between gmft and g01 and the circuit parameters may be 

obtained by equating the expressions for the transfer accuracy, equations (3.3.13) 

and (3.3.14), for the limiting no load condition (g2-0). This expression appears in 

equation (3.3.15). 

- g 01 

Vl g3O - m 01 + g01 - g02 +g 6 
(3.3.15) 

The second relationship may be obtained by observing from equation (3.3.14) 

that if the load conductance 92 is chosen to be equal to g01 - g, the transfer 

gain of the stage becomes 1/2. This leads to the relationship shown in equation 
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/ 

go 
f I 

Figure 3.5. CMOS Voltage Follower Small Signal Equivalent Circuit. 
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(3.3.17). 

V, 92 = gm 01  gofa 

1 

2 

g, 7 

gmfol - g010, + g, 7 ] 
902 + 

g, 7 

g11 - g01 + g 7 ] 
(3.3.17) 

The solution of equations (3.3.16) and (3.3.17) is straightforward and yields 

the expression for shown in equation (3.3.18) and the expression for gOf, 

shown in equation (3.3.19). 

gmfol = 
9, 6g 7 

902 

gOf = g,fl7 

(3.3.18) 

(3.3.19) 

3.3.4. Small Signal Transfer Accuracy Using Channel Shortening Model 

For the modified channel shortening model of equation (3.2.26), the expres-

sions for the transconductance and output conductance become those shown in 

equations (3.3.20) and (3.3.21). 

gm = 2k(W/L)(Vos - VT)(1+?VDs) 1 (3.3.20) 

g0 = k(W/L)(VGs - T)2 (3.3.21) 

Using the definitions for the source drain and drain source voltages shown in 

equations (3.2.3) - (3.2.7) and the expressions for the drain currents shown in equa-

tions (3.2.13) - (3.2.16), the expressions for the transconductance and output 
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conductance for each device may be written as shown in equations (3.3.22) - 

(3.3.28). 

g, 1 = 2k (WIL )1(VsG1 - VT)(l + XpVsG1) (3.3.22) 

g 2 = 2k (W/L)2(VsG2 - '1T)(1 + )..P(DD - GS,,)) (3.3.23) 

g,, = 2k (W/L)5(VGS5 - + ?II(DD - VSGI - Voss)) (3.3.24) 

g, 6 = 2k(WIL)6(V0s6 - + n('VGSi + VGS6)) (33.25) 

g,, 7 = 2k (WIL )7(VGs7 - T)(1 + ?'IIDD) (3.3.26) 

g0 X = k(W/L )X(VSG1 - VT)I = 1,2 (3.3.27) 

g0, = k(W/L)(VG - VT)?! (3.3.28) 
Ix = 5,6,7 

As in the ideal case, the expressions for the gm of each device may be rewrit-

ten in terms of the geometries and substituted into the zero offset constraint shown 

in equation (3.3.7). The result of this analysis is identical with the previous case, 

that is the small signal analogue of the channel shortening zero offset constraint 

shown in equation (3.2.20) is the transconductance constraint shown in equation 

(3.3.7). 

Figure 3.6 shows the small signal equivalent of the follower circuit of Figure 

3.2. In practice, the current sources depicted schematically in Figure 3.2 will also 

be realized using transistors. These transistor current sources may be modeled as 

the parallel combination of an ideal current source with a parasitic conductance. 

The small signal equivalent is therefore simply the parasitic conductance. Since 
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Figure 3.6. CMOS Voltage Follower Circuit for Small Signal Analysis Including A. 
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this conductance is expected to be of the same order of magnitude as the other out-

put conductances (for transistors of the same type), and in order to judge their 

effect on the circuit transfer accuracy, Figure 3.5 includes these parasitics. 

The term g07 appears from terminal 2 to V DD, and the conductance 9,,,2 from 

terminal 2 to Yss. Since both these dc sources are small signal grounds, the con-

ductances g07 and g0,2 appear directly in parallel with 92. Thus the term 92 has 

been modified to include these extra conductances as shown in equation (3.3.29). 

g2' = 92 + g07 + g02 (3.3.29) 

The circuit of Figure 3.5 may be described by equations (3.3.30) - (3.3.33). 

O=v4g 1+(v4—v 1)g 5+(v4_v5)g05 

+ (v4 - v)g 6 + (v4 - v6)g06 (3.3.30) 

0 = (v5 - v4)g05 + (v1 - v4)g 5 + v5g 1 + v5g01 (3.3.3 1) 

o = (v6 - v4)g06 + (v3—v4)g 6 + v6g02 + v5g 2 (3.3.32) 

0 = v2g2' + (v2 - v6)g 7 (3.3.33) 

The solution of equations (3.3.30) - (3.3.33), although also straightforward, is 

quite tedious, and the resulting transfer accuracy expression is quite large and 

unwieldy. Appendix C contains the full expression along with the "reduced" form 

using the zero offset transconductance relationship in equation (3.3.7). A more 

manageable expression may be obtained through the use of the approximation 

shown in equation (3.3.34). 
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go - (VGS—VT)X.. 
  4Z 1 (3.3.34) 

gm  2(1+VDs) 

Using simulation, the ratio shown in equation (3.3.34) has been found to be less 

than 2% for both the p and n channel devices in the NTE CMOS lB process. 

The approximate small signal transfer accuracy expression for the channel 

shortening case is shown in equation (3.3.35). 

V2 f5 

Vi f6 

where: 

= g02 + 1  
g1(g5+gm6) { 

(3.3.35) 

g, 

+ gosi + g05Xg02 + g06) + g,6 g, + g2' (g01 + g0) F 
+g01 19o'(gMS + gm) I 

+ g05 

g, 5 

902(9m1 + g, 6) + g,, 5 + g2' 

+ 806 [9 MI [902 + gm6 + 

g, 5 1  

f6 = g6 g 5 + g2 /  + 902 +  g 1(g 5 + g 6) f 

r 
g2 

g2' + g, 7 

g 5 

+ gosi [(cmi + g05)(gm6 g + 92' 

] 

+ 902 + g, 6) I 

I 
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+g01 g, 5(2g02 

gm1g02 + + g05 

+906 

+ 906) + + gms ggm6 , I g,, 5 + g2 

I9MZgM5 I 

g,, 6 

I 

g,, 5 
g02 +(g 1+g 2) F 

gms + g2 ] 
Although (3.3.35) is still rather complex, further reduction would introduce errors 

large enough to cause greater that 5% error in the accuracy value, which would 

limit the usefulness of the expression. 

3.4. High Frequency Small Signal Analysis of Class A Voltage Follower 

3.4.1. MOSFET Capacitances 

The capacitances associated with the MOSFET may be divided into two 

categories: intrinsic and extrinsic. The expressions for the intrinsic capacitances 

may be derived by considering the charge distributions under the gate [56]. Three 

intrinsic capacitances may be identified: the gate to bulk, Cgb., gate to drain, Cgd, 

and the gate to source, Cgs.. Once the gate voltage exceeds the threshold, the 

intrinsic gate to bulk capacitance goes to zero due to the shielding effect of the 

inversion layer. In the saturation region, the effect of the pinch-off at the drain end 

of the channel is to reduce the intrinsic gate drain capacitance to zero. Thus, in the 

saturation region, the only important intrinsic capacitance is Cgs., which is given by 

equation (3.4.1) [57]. 
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Cgs,WL Cox (3.4.1) 

The extrinsic capacitances Cg,",) Cgdi, and Cgbi are due to the overlap OV 

between the gate and source or drain diffusions, and the overlap capacitance 

between the gate and the external substrate. Two other extrinsic capacitances are 

Cb and Cdb, which arise due to the depletion layer formed between the source or 

drain diffusion and the substrate. Standard pn-junction analysis yields the expres-

sions for the depletion layer capacitances shown in equations (3.4.2) and (3.4.3) 

[57]. 

CSb = 

Cdb= 

Cb0 

Cdb0 

1+ VDB 
Of I 

(3.4.2) 

(3.4.3) 

The values for the various capacitance constants for the NTE CMOS lB pro-

cess have been compiled from the SPICE models provided and are summarized in 

Table 3.2 [58]. 
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Capacitance PMOS NMOS 

C0 per g2 4.12e-4 pF 4.12e-4 pF 

Cgs ,,Cgd per 2.44e-4 pF 2.84e-4 pF 

C9b, per jt 2.00e-6 pF 2.00e-6 pF 

C3b ,C 2.00e-2 pF 2.00e-2 pF 

Table 3.2: NTE CMOS lB Capacitance Constants 

Thus, in the saturation region, the total gate drain capacitance consists of the . 

overlap capacitance Cgd .,,, as shown in equation (3.4.4). The gate source capaci-

tance is composed of the intrinsic capacitance Cgs. and the overlap capacitance 

Cg,,,,,. In a FET whose source and substrate are connected, the gate substrate over-

lap capacitance C9b will appear as a contribution to the total gate source capaci-

tance as shown in equation (3.4.5), and the drain substrate depletion capacitance 

Cdb will appear as a drain source capacitance, as shown in equation (3.4.6). 

Cgd = Cgd, (3.4.4) 

Cgs = Cgsi + Cgs + Cgb, (3.4.5) 

CdS = Cdb (3.4.6) 
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3.4.2. High Frequency Transfer Accuracy Using Ideal Weimer Model 

A small signal transistor model which includes all the saturation parasitics 

may be substituted for the transistors of Figure 3.2, and a resulting frequency 

dependent transfer accuracy may be derived. However, even for the simple Wei-

mer model this analysis is extremely tedious due to the number of capacitances 

involved. However, examination of the circuit schematic, Figure 3.2, reveals that 

the dominant capacitive effect will arise from the gate souce capacitance of the fol-

lower transistor, m7. This is due to the fact that Cgs7 is connected from the output 

node to the high impedance node at the output of the differential transconductance 

stage. Thus, a simple small signal circuit which models the high frequency perfor-

mance of the follower may be drawn as shown in Figure 3.7. 

Referring to Figure 3.7, the equations governing the operation of the circuit at 

high frequencies may be written as shown in equations (3.4.7) - (3.4.9). 

g 59 6 + g2 
1— 

gms+gm6][ gmi ] 
0 = i1 + i2 + v- g02 + (v7 - V2)SCgsi 

0 = v2 ( g + sC2 ) + (v2 - v7)g 7 + (v2 - V7)5Cgs7 

(3.4.7) 

(3.4.8) 

(3.4.9) 

Using the zero offset condition shown in equation (3.3.7), and solving equa-

tions (3.4.7) - (3.4.9) yields the expression for the frequency dependent voltage fol-

lower transfer accuracy shown in equation (3.4.10). 
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Vin 

Figure 3.7. CMOS Voltage Follower Circuit for High Frequency Small Signal Analysis. 
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V2 

V1 

where 

1 
902 

I g, 7 

go2gm6 [92 + 9M7] 
Cgs7 C2 

a 

1 + sCgs7gm7 1 

s2 a1 + s a2 + 1 

a1 =   
g, 6 g,7 + 902 ( 92 + g7) 

a2 = 
g, 6 g,., + go, ( 92 + g, 7) 

Cgs7 ( 92 + g, 6 + 907, ) + C2 g02 

(3.4.10) 

The first terin on the right hand side of (3.4.10) is easily recognised as the 

low frequency gain of the follower and is identical to equation (3.3.13). The 

second term shows that the follower will exhibit a 2 pole - 1 zero response. Since 

the coefficients of the denominator polynomial are functions of the load capaci-

tance C2, the condition for complex poles may be derived to be that of equation 

(3.4.11), where it has been assumed that g02 is small compared to the load conduc-

tance and differential pair and follower transconductances. 

C87 1(g + g)2 

C2> [ g697  ] (3.4.11) 

In a practical circuit, the condition in equation (3.4.11) will always be 

satisfied (since g,, g, 7 and 92 are of the same order of magnitude and Cg,, is gen-

erally only a few pF), thus the follower response will show peaking. Equation 

(3.4.10) also shows that although it may be desirable to make m7 large in order to 
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get a large value of g, the price paid is that Cgs7 will be increased, which directly 

reduces the follower bandwidth. 

3.5. Class A Voltage Follower with Cascode Mirror 

Sections 3.2 and 3.3 have outlined the importance of the mirror output con-

ductance in both the static and small signal performance of the circuit. An 

increase in this output resistance would increase the overall transfer accuracy of the 

follower as well as allowing a smaller transconductance to be used for the follower 

transistor, thus lessening the circuit's parasitic output conductance. 

3.5.1. The MOS Cascode Mirror 

The increase of the mirror output resistance may be accomplished simply by 

increasing the length of the mirror transistors in order to lessen the gate source 

drop for a given bias current. However, because the incremental benefit per 

increase in length quickly diminishes, the devices must become huge to obtain a 

large increase in output resistance. A method for increasing the output resistance 

of the mirror which is much more efficient in terms of chip area is the cascode 

mirror configuration. Figures 3.8(a) and 3.8(b) show the simple Widlar and 

cascode mirrors respectively. 

Assuming the channel shortening model given in Figure 3.3 for the transistors 

shown in Figures 3.7, the small signal equivalent circuits of the mirrors may be 

drawn as shown in Figure 3.8. The output resistance of the Widlar mirror may be 
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Figure 3.8(a). Widlar Mirror. 
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Figure 3.9(a). Widlar Mirror Circuit 

for Small Signal Analysis. 
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Figure 3.8(b). Cascode Mirror. 
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Figure 3.9(b). Cascode Mirror Circuit 

for Small Signal Analysis. 
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derived by inspection to be that given in equation (3.5.1). 

rollandard = (3.5.1) 

Using the circuit of Figure 3.9(b), the output resistance of the cascode mirror may 

be derived as that shown in equation (3.5.2). 

= r0 (1 + g 4r02) + r02 (3.5.2) 

Thus the cascode configuration gives a (1 + g 4r0) increase in output resis-

tance ( or equivalently a decrease in output conductance ) over the standard mirror. 

The product gr0 for a p channel device in the NTE CMOS lB process is typi-

cally at least 50 - 100, which represents a far larger gain in output resistance than 

could be achieved by using an equivalent extra amount of chip area by doubling 

the gate length of the transistors in the simple mirror. Referring to Figure 3.9(a), 

and neglecting the effect of the output conductance of the input transistors which 

will only appear in parallel with the transconductance elements, the transfer accu-

racy of the Widlar mirror may be written by inspection as shown in Equation 

(3.5.3). The transfer accuracy of the cascode mirror may be derived by straightfor-

ward algebraic manipulation, and is shown in equation (3.5.4). 

iou: - g, 2 in] WIdIar g,1 

- °u: I - 

g cascode 1 

- +g02 
[mi+m3 1 1 g,4 

j 1g02+g4+g04 

(3.5.3) 

(3.5.4) 
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3.5.2. Extension of the Weimer Model to Threshold Voltage Modulation 

The NTE CMOS lB process uses p-well implants to realise n channel transis-

tors but uses the n substrate to realise p channel transistors. The consequence of 

this fact is that the substrates of all n channel transistors may be connected to their 

respective sources by implementing the n channel transistors in separate wells. 

However, because the n substrate must be connected to the most positive voltage in 

the circuit (VDD), all p channel transistors must therefore have their substrates con-

nected to VDD. 

When a non-zero source to substrate or source to bulk voltage ( sB) exists, 

the threshold voltage VT of the transistor is affected through a phenomenon known 

as threshold modulation. The threshold voltage of the transistor used in the Wei-

mer model is usually modified to include a dependence on the source bulk voltage 

as shown in equation (3.5.5). 

VT=VTO+7 [ [vSB + )½ [2f J J (3.5.5) 

where: 

T0 = zero bias threshold voltage 

y = threshold modulation parameter 

VSB = source to bulk (substrate) voltage 

Of = intrinsic potential (0.3 V) 
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In the static case, the increase in threshold voltage with increasing VSB means 

that for a given drain source current the gate source drop must increase to keep the 

GS - T term constant. Thus the cascode mirror introduces an extra threshold 

modulated gate source drop into the quiescent analysis of the circuit in which it is 

embedded. In the small signal case, the substrate acts as a second gate and intro-

duces a second component of drain current depending on VSB. This effect is typi-

cally modeled as a second transconductance, g [57], whose definition is shown in 

equation (3.5.6). 

aIDS I 
gMb = aVBS GS = VDS = const. 

(3.5.6) 

Using the definition of drain current for the Weimer channel shortening model 

given in equation (3,2.26), and the expression for the threshold voltage shown in 

equation (3.5.5), the expression for the threshold modulation transconductance g 

may be written as shown in equation (3.5.7). The value of gifib is typically 10% - 

30% of g. 

?k(W/L)(Vos - T)(1 + 2LVDS) 

gn3b IVSB 
+ 2f J 

1/2 (3.5.7) 

The small signal nullor model of the MOSFET may be modified to include 

this transconductance as shown in Figure 3.10. Here an additional branch has been 

added to account for the extra component of drain current. The small signal output 

resistance of the cascode mirror including the effect of back bias may be derived 
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Figure 3.10. Small Signal Nullor MOSFET Model Including g. 
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by substituting the model of Figure 3.10 for the lower two transistors shown in 

Figure 3.8(b), as shown in Figure 3.11. The resulting expression is given in equa-

tion (3.5.8), which shows that the effect of the back bias transconductance is to 

increase the output resistance slightly. Also, the new current transfer accuracy 

expression may be derived as that shown in equation (3.5.9). 

= r04(1 + r02(g 4 + gmb)) + r02 (3.5.8) 

1__ g, 2 g, 4 

I i g = - + 802 [ gg  I [goz + gm4 + gmb4 + g04 ]3.5.9 

3.5.3. Static Analysis with Cascode Mirror 

In the case of a voltage follower with cascode mirror, a theoretical analysis of 

the quiescent operating point of the circuit is much more complex than for the case 

of a simple mirror with channel shortening ( Section 3.2.4 ). The analysis for the 

cascode case involves simultaneous cubic equations, the solution of which would 

be immensely involved and also very difficult ' to interpret physically. The only 

practical method for determining the operating point of the circuit is to resort to 

simulation techniques. However, one feature of the cascode mirror follower which 

is immediately obvious is that the gate source drop of transistor m7, given previ-

ously as equation (3.2.9), must be modified to account for the extra gate source 

drop of transistor m4. Since there are now three transistors in the right hand side 

of the differential stage, equation (3.2.9) may be modified to equation (3.5.10). 
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Figure 3.11. Cascode Mirror Circuit for Small Signal Analysis Including g. 
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- VDD - 2VGS6 

VGSI 3 

3.5.4. Small Signal Transfer Accuracy with Cascode Mirror 

(3.5.10) 

Section 3.3.2 presented the analysis of voltage transfer accuracy for the case 

of a Widlar mirror with an output conductance present in only the mirror output 

transistor. For the case of a follower with a cascode mirror, these same equations 

may be used if the current transfer accuracy of equation (3.3.9) is modified to 

reflect the new expression of equation (3.5,9), and the output conductance in equa-

tion (3.3.10). is replaced with the cascode output conductance given in equation 

(3.5.8). The new expression for the small signal voltage transfer accuracy is given 

in equation (3.5.11). 

V2 

V1 

where: 

=1 

g02, 

g02' + 

)_1 
g02' = (r04(1 + r02(g 4 + gmb4)) + r02 

] (3.5.11) 

= g, Ig1+g3 g 4 

= - + g02 cascode  i g, g1g3 ] [goz + gm4 + gmb4 + 904 

Analysis of the cascode mirror follower with channel shortening on all dev-

ices would result in a transfer accuraôy expression even more complex than for the 

analysis with a simple mirror. Since the previous expression is very difficult to 
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interpret physically, the more complex one would only be more obtuse. As in the 

static analysis, the only practical method for analyzing the small signal perfor-

mance of the circuit is through simulation. 

3.6. Class A CMOS Current Follower 

3.6.1. Static Analysis 

Figure 3,12 shows the schematic of the Class A current follower portion of 

the VCCS. The voltage follower must be modified slightly with the addition of a p 

channel current source in the drain lead of the follower transistor m7, for reasons 

which will become apparent in the small signal analysis of the circuit. The source 

'B supplies the two bias currents IB and 'BM flowing in the two n channel 

sources. The current IB. flows through the level shifting transistor m8, whose gate 

potential is set with a dc source. This current flow establishes a gate source poten-

tial on m8 which in turn sets the drain voltage of transistor m7, and the potential 

of the p source output. 

Since m8 will have its substrate connected to V DD, the expression for the gate 

source voltage may not be conveniently written in closed form. The value of this 

voltage will be the solution of equation (3.6.1), which is easily determined using 

numerical methods. 

= k (WIL) ( SG - VT )2 (1 + ? VSD ) (3.6.1) 
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Figure 3.12. CMOS Current Follower Block Diagram. 
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where: 

VT=VTO+? [ [vDD— (VG + vsG +2 

VSD=VSG+VG 

3.6.2. Offset Analysis of Class A Current Follower 

2 
3½ 

A circuit which depends on the matching of two current sources of opposite 

polarity such as the current follower or an operational transconductance amplifier is 

subject to current offset errors due to the mismatch between transistors of different 

channel polarity. For the case of the current follower, an expression for the offset 

current may be derived by noting that the p channel source will supply whatever 

current is necessary for the follower transistor source, and an offset current will 

arise from the mismatch between the remaining current from the p source and the n 

source biasing the level shifter transistor. This may be expressed mathematically 

as shown in equation (3.6.2). 

'off = ( 'p - 1B10, ) -  IBIVI 

3.6.3. Small Signal Analysis of the Class A Current Follower 

(3.6.2) 

Neglecting the effect of the output conductance of the follower transistor m7, 

the small signal equivalent circuit of the current follower stage may be written as 

shown in Figure 3.13. In this analysis, it is assumed that the voltage follower 

causes some small signal voltage to be established at terminal 2, which in turn 
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Figue 3.13. CMOS Current Follower Circuit for Small Signal Analysis. 
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leads to a small signal current flowing in the follower transistor m7. In the simple 

analysis, this current will be exactly transferred to the input to the p channel 

current source. This source effectively removes the small signal current's path to 

ground and forces the current to flow through the level shifter transistor and to ter-

minal 3. 

Referring to Figure 3.13, the equations describing the system may be written 

as shown in equations (3.6.3) - (3.6.5). 

i1 =v2 (g0 + g 8)+(v2—v3 )g08 

v2g 8+(v2—v3 )g08 =v3g3' 

i0, = V3 g3' 

(3.6.3) 

(3.6.4) 

(3.6.5) 

These equations may be solved by simple algebra to yield the expression for 

the current- transfer accuracy shown in equation (3.6.6). 

iou: 1 

un 
1+g0 [ g08+g3' 

g3' ( g1fl3 +g08 ) ] (3.6.6) 

Equation (3.6.6) shows that as the value of the output conductance of the p 

channel source gop tends to zero (i.e. the source becomes ideal), the current 

transfer accuracy approaches unity, regardless of the characteristics of the level 

shifter transistor. This is expected, since if the source is ideal, the current has no 

other path to follow but through the level shifter to terminal 3. 
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3.6.4. High Frequency Analysis of the Class A Current Follower 

The transistor parasitic capacitance which will dominate the high frequency 

performance of the current follower is the gate source capacitance of the level 

shifter transistor, Cg58. Also, as in the case of the voltage follower, the capacitance 

loading terminal 3 will also affect the transfer accuracy. Thus a small signal cir-

cuit valid for the current follower at high frequencies may be drawn as shown in 

Figure 3.14. As in the case of the small signal analysis of the current follower, it 

is assumed that a voltage present at terminal 2 causes a current ii,, to flow in 

transistor m7 which is transferred to the current follower. 

Referring to Figure 3.14, the equations describing the system may be written 

as shown in equations (3.6.7) - (3.6.9). 

ju l = V29op + (v2 - v3) g0 + V2 (g8 + SCgsg ) (3.6.7) 

i0 = v3 ( g3' + sC3) (3.6.8) 

0=(v3—v2)g0 +(— v2)g8+'Out (3.6.9) 

Equations (3.6.7) - (3.6.9) may be solved by straightforward algebra to yield 

the expression for the high frequency current transfer accuracy shown in equation 

(3.6.10). 

jout 

jun 

1 

1+g0 [ g08+g3 
g3
' ' (g8 + 91 ) I 

r 1+sa1  

1s2 b2'+ s b1 + 1 (3.6.10) 
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Figure 3.14. CMOS Current Follower Circuit for High Frequency Analysis. 
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where: 

C3 
a1=-7 

g3 

b1 = g3' ( g 8 + g08 ) + g0 ( g3' + g08 ) 

C3Cgs8 

Cs (g 8+g09 +g0p )+ Cgs8 (g3'+gog ) 

g3 ( gm8 +g08 )+gop ( g3'+ go. ) 

In order to simplify expression (3.6.10), it may be assumed that the output 

conductance terms are much smaller than either the transconductance or load con-

ductance terms. In this case, expression (3.6.10) reduces to equation (3.6.11). 

iou: 

where: 

1 

I g08 +g3' 

1+g0 [ g3'(gms+gos) I 

C3 Cgs8 
b3=-7+— 

g3 g,fl8 

b4= C3Cgss 
g3 g, 8 

1 + s  a1 IS 2 b4 + s b3 + 1 ] (3.6.11) 
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lout 

un 

1 

1 + gop 
908 + g3' 

g3' ( g, 8 + 908 ) I [S 

1 

Cgs8 

g 8 
+ 1 (3.6.12) 

Equation (3.6.12) suggests that the dominant high frequency behavior of the 

current follower stage will be a simple pole rolloff, in contrast to the peaking of 

the voltage follower stage. 

3.7. Implementation of the Cascode VCCS Circuit 

3.7.1. Design of the Transistor Geometries 

The cascode VCCS shown in Figure 3.15 was implemented in the Northern 

Telecom CMOS lB process through the services of the Canadian Microelectronics 

Corporation. This process has single metal, double polysilicon capability, with a 

minimum feature size of 5 .Lm. The substrate is n type, with p well implants avail-

able for the implementation of n channel transistors. Since the process is single 

well, the p channel transistors have a circuit-wide common substrate. 

Several practical tradeoffs exist in the design of the Class A CMOS VCCS. 

First, the value of the quiescent current must be chosen. This choice must reflect 

the maximum terminal voltage swing desired for a given minimum impedance 

level. Once this current value has been chosen, the geometry ratios of the transis-

tors must be determined. However, the amount of area available for the circuit in 

integrated form will necessarily be limited, so a constraint will therefore be 

imposed on the device sizes. Maximizing the device geometries subject to the area 
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Figure Figure 3.15. Cascode VCCS Schematic as Implemented in CMOS lB. 
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constraints will minimize the effect of the gate source drops on the dynamic range 

of the circuit, but if an exceedingly large value of output swing is required, the 

internal non-linearities may limit the performance before the quiescent current limit 

is reached. In addition, the bandwith of the circuit will depend on the total area of 

the transistors. Thus, the dynamic range and voltage swing requirements are typi-

cally in competition with the bandwidth specification. 

In a practical situation, simulation is the most effective means of designing 

the geometry ratios for each transistor. A circuit simulator such as SPICE allows 

quite complex transistor models to be used, and simulates the dc, transient, and 

small signal characteristics automatically. Thus, the approach which has been 

taken in designing the circuit is to get a "rough" idea of the necessary channel 

geometries for each device through a simple Weimer model, and use SPICE to 

"fine tune" the width dimension by trial and error. 

For the following design, 50 t.LA was chosen for the Class A quiescent current 

in the voltage and current follower stages, and 25 RA for the differential pair. The 

minimum impedance level was set at 10 k, giving a maximum output swing of 

0.5 V. 

The first step in designing the actual gate dimensions for the transistors is to 

decide on the gate lengths for the current source transistors. Simulation of the 

sources themselves showed that the increase in output resistance of the cascode 

structure was minimal for p channel gate lengths over 10 - 12 pm. Thus the gate 

lengths of the p channel sources were chosen to be 12 R. Due to the decreased 
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value of ?. for the n channel transistors, the n sources could have been imple-

mented with gate lengths of = 10 gm. However, since the absolute minimization 

of overall area was not a prime consideration in the layout, the lengths were 

chosen to be 12 p.m for convenience. 

Once the gate lengths have been chosen, the current source transistor widths 

corresponding to the Class A quiescent bias current may be determined. A rough 

estimate of the required widths may be obtained from a calculation using the sim-

ple Weimer model of the transistors. The actual values necessary may then be 

determined accurately through simulation. For this project the gate widths were 

determined using SPICE and the level 2 models provided by the CMC [58]. The 

gate lengths which were generated in this manner are shown in Table 3.3. 

Having established the geometry ratios necessary for the current sources, the 

differential pair - mirror stage may now be designed. The analysis of section 3.2.5 

showed that in order to minimise the effect of mismatches in the transconductance 

parameters of the mirror and differential pair transistors, the geometry ratio of the 

mirror, transistors should be chosen to be smaller than that of the differential pair 

transistors. Also, the width to length ratios of each pair should be large to give a 

high value of transconductance and maximise dynamic range. Although equation 

(3.2.39) was derived for the simple mirror circuit, it may be used to give a starting 

point for the differential pair geometry mismatch. The values of VSG1 may be 

approximated by the sum of the two mirror drops obtained from simulation, and 

the value of VGS7 may be approximated as the solution of equation (3.5.10). This 
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leads to the result shown in equation (3.7.1). 

(W/L)6 - (W/L)2 
  (1.04) 

(W/L)5 (W/L)1 
(3.7.1) 

Simulation studies showed that choosing the gate lengths of the differential pair 

transistors to be 16 p.m resulted in a voltage follower low frequency transfer error 

of less than 1 %. The final values for the geometry ratios are shown in Table 3.3. 

The prediction of the right hand differential pair transistor from equation (3.6.1.) 

was 182 p. rather than the actual value of 184 p. arrived at through simulation, due 

to the fact that (3.6.1) was derived for a voltage follower with a simple Widlar 

mirror. 

The final transistor to be designed in the follower stage is the follower transis-

tor m7. Little choice remains for this device - the approximate gate source drop is 

known from equation (3.5.10), and the quiescent current was chosen previously. 

These constraints lead to the value of channel geometry shown in Table 3.3. 

The design of the current follower stage is straightforward. The gate source 

drop of the device must be such that the sum of this voltage and the gate bias vol-

tage biases the follower transistor into its saturation region by settingthe drain vol-

tage. At the same time, the voltage cannot be so large that the output point of the 

p channel source is raised so high that the structure no longer behaves as a current 

source. Simulation of the entire circuit led to the choice of geometry for m8 

shown in Table 3.3. 
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Device Ratio Device Ratio Device Ratio Device Ratio 

ml 

m2 

m3 

m4 

m5 -  

m6 

120 
- m7 

m8 

m9 

A.110 -  

mu 

m12 

180 
- m13 

—114 

miS 

ml 6 

120 
mbl 

mb2 

mb3 

mb4 

mb5 

mb6 

60 
12 

120 
- 

16 

240 120 
- 

12 12 

60 
12 

120 
- 

16 

60 
- 

12 

240 

12 

60 
12 

120 
- 

12 

60 

12 12 

60 
12 

180 

12 

120 
- 

12 

120 

-240 
12 

- 

-- 

12 

60 
16 

184 
.- 

16 

- 

12 

60 
- 

12 
- 

12 

Table 3.3. Geometry Ratios used in the CMOS Cascode Nullor. 

Having determined the geometry ratios of all transistors, the small signal 

bandwidth of the circuit may be predicted. The exact plot of the frequency 

response will be shown in the discussion of the measured results However the peak 

of the voltage follower was found to occur at 1.5 MHz and the current follower 

roll off at> 1 MHz, which was sufficient for the application of the device to filters 

in the range of 100 kHz - 1Mhz. 
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3.7.2. Layout of the VCCS Circuit 

The masks which describe the layer specifications were generated using the 

program Electric, which was originally written at Fairchild. This program allows 

hierachical layout with special resizable primitives such as p and n channel transis-

tors. 

The layout philosophy was the result of several unsuccessful attempts [61] - 

[68] which suffered from latchup problems. Latchup was the major problem facing 

early designs. These designs used simple diffusion rings around each transistor to 

increase the parasitic resistance and hence reduce the chance of latchup. However, 

metal to diffusion contacts are more effective since the total resistance to either 

supply is reduced. 

Also, later designs used a "shared diffusion" approach to interconnection. In 

this technique, transistors of like polarity whose channels are connected (for exam-

pie a cascode structure) are laid out so that the interconnected channel is actually a 

continuous diffusion from one gate edge to another. This also reduces the chances 

of latchup, since there are fewer interconnection sites to draw parasitic current. 

Figure 3.16 shows a plot of the layer specifications used to fabricate the 

VCCS. Wide metal lines and split contacts were used on all supply points to 

effectively pin the substrate to these potentials. Except in the case of the follower 

transistor, p and n channel transistors were separated to the top and lower halves of 

the design respectively. Separate p wells were used for the cascode structures, 
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differential pair and follower transistors in order to eliminate the threshold modula-

tion effect on the differential pair and follower transistors. Wide metal to diffusion 

guard rings were placed around each group of transistors to minimize latchup sus-

ceptability. 

Due to the sensitivity of the offset voltage to mismatches in the differential 

pair threshold voltages, the pair was laid out using common centroid geometry. In 

this technique, four transistors are laid out in a square structure, and devices in 

opposite corners are connected in parallel. This structure may be shown to be 

much less sensitive to gradients due to process variations than a simple pair of 

transistors [57]. Although operational amplifiers have been built with common 

centroid arrays of 16 transistors cross coupled in a ' checkerboard" fashion [59], it 

was felt that the additional matching benefit derived from this structure did not 

warrant the vastly increased complexity of layout for the single metal process. (c.f. 

Appendix B and F). 

Small pads appearing in the design are for probing purposes. These pads 

allow access to the lower (upper) gates in the n (p) channel current sources, the 

upper gates in the p channel mirror, the source - source connection of the 

differential pair transistors, and the drain of the follower transistor. With the bias 

current inputs and level shifter gate being brought out to output pads, this allows 

examination of every node in the circuit. 
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3.8. DC Performance of the Integrated Cascode VCCS 

In order to compare the prediction of SPICE with the performance of the 

actual circuit, terminal 1 was connected to ground and terminals 2 and 3 terminated 

with 10 kQ resistors. The quiescent voltages were measured with a DVM using 

probers for internal nodes. Table 3.4 shows a comparison between the SPICE 

predicted and measured voltages for three chips. 
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Location 
SPICE 

Simulation 
Measured 
Chip 1 

Measured 
Chip 2 

Measured 

Chip3 

terminal 2 -2.4 mV -0.7 mV -10.8 mV -13.7 mV 

terminal 3 -16.7 mV -13.5 mV -29.5 mV 12.1 mV 

mbl gate -0.93 V -0.55 V -0.48 V -0.44 V 

mb3 gate -0.93 V -0.54 V -0.48 V -0.43 V 

mb5 gate 0.72 V 1.01 V 0.87 V 1.07 V 

m5 source -1.22 V -1.41 V -1.42 V -1.45 V 

ml gate 3.62 V 3.69 V 3.63 V 3.70 V 

m3 drain 1.86 V 2.12 V 1.97 V 2.14 V 

mb2 gate -3.46 V -3.23 V -3.20 V -3.20 V 

rnb4 gate -3.46 V -3.23 V -3.21 V -3.20 V 

mb6 gate 3.08 V 3.18 V 3.12 V 3.20 V 

m7 drain 2.89 V 2.59 V 2.75 V 3.02 V 

Test Conditions VDD = 5.0 V , Vss = 5.0 V 
VG = 0.68 V 

in = IflZ = Ip = 25 .tA 
R2 = 9.98 k 
R3 = 9.98 k 

Table 3.4. Measured and SPICE Quiescent Voltages for the CMOS VCCS. 
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The offsets at terminals 2 and 3 are worse than simulation for 2 of the 3 

chips. This is expected, since the simulation used perfectly matched transistors, 

while the actual circuit suffers from mismatches. However, the effect of these 

mismatches is small, and the offsets are still well within acceptable limits (for a 10 

kC2 impedance level, the bias current of 50 gA gives a maximum quiescent current 

limited voltage swing of 500 mV. Thus the offsets are all less than 6% of the max-

imum voltage). 

Comparing the remaining voltages, the difference between the parameters of 

the SPICE model and the characteristics of the actual process run are apparant. 

The most obvious differences are in the p channel transistors whose threshold vol-

tages are being modulated (m3 drain and mb5 gate). This would indicate that the 

value of y (the threshold voltage modulation coefficient) is the least well predicted 

of the parameters for this run. 



CHAPTER 4 

CMOS VCCS FILTERS 

4.1. Integrated CMOS Resistors 

4.1.1. A Comparison of Published Resistor Circuits 

A single PET, operating in the triode region, may be considered to be a MOS 

resistor approximating circuit, with the value of the resistance between the source 

and drain determined by a "control" voltage, namely the gate-source voltage. 

However, examination of the simple Weimer model expression for the drain 

current in the triode region (equation (3.2.12)) reveals that the drain current is 

dependent not only on VDS but VDS2 as well. Thus there will be a non-linear 

dependence of 'DS on VDS. The contribution of the non-linear term under typical 

operating conditions may be 20% of the total current flowing in the drain [34]. 

Thus the single transistor approach to approximating ideal passive resistor perfor-

mance is not acceptable. 

One approach to realizing a CMOS resistor circuit is to create a gate voltage 

which depends on Vs and VD in such a way as to cancel the first order non-linear 

terms in the drain current equation. In order to understand the canceling effect, it 

is necessary to introduce a more accurate model of the FET in the triode region in 

terms of the potentials of the gate, source, drain and bulk. This expression is given 
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in equation (4.1.1) [69]. 

where: 

ID = —.LC0'-- { 
1 

2 

(VG — VB—V-2f) (VD —Vs) 

[(VD - 'B )2 - ( s - VB )2] 

[(_vD +vB _2 f ')3 _(_vS +vB _2 f )3/2 ]}  

1D = drain current 

G' D' Vs B = gate, drain, source, bulk potentials 

C0 ' = oxide capacitance per unit area 

VFB = flat band voltage 

In order to cancel the squared non-linear terms in (4.1.1), the gate potential is 

chosen as shown in equation (4.1.2), where VC is an arbitrary voltage. 

VG=VC+ VD+VS (4.1.2) 
2 

With this value of gate voltage, the expression in (4.1.1) reduces to that 

shown in (4.1.3). 

Ox L I. (Vc —VFB -2 f ) VDS 
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-* [(_ vD+vB_2f_(_vS+vB_2f)312]} (4.1.3) 

Thus, for small values of y, the dependence of 'D on DS is approximately 

linear. In a p well process, the value of y for p channels is generally lower than 

that of the n channels, hence the device to be linearized will be a p channel transis-

tor. 

The small signal conductance between the terminals R(1) and R(2) may be 

obtained by the use of the two variable Taylor series expansion [70]. The details 

of the expansion, along with the convergence criteria, are contained in Appendix 

G. Evaluating this series expansion around the point VD = 0, VS = 0, and keeping 

only the linear term in VDS leads to the expression shown in equation (4.1.4). 

g ff =2kp (VC —VT) (4.1.4) 

Two approaches have been suggested to realize the voltage given in expres-

sion (4.1.2). The first, proposed by Gregorian and Temes [71] is shown in Figure 

4.1. The analysis of this circuit is straightforward, with the result that if the width 

to length ratios of the transistors are chosen in the manner detailed in equation 

(4.1.5), a gate voltage of the form shown in (4.1.2) is produced. 

1  m 

l+ - 2 
where 

(4.1.5) 
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Figure 4.1. A CMOS Resistor Circuit Using One Active Device. 
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I  (W/L) 
(WIL)3 

/  (W/L) 
\f (W/L)5 

m=1+  
2 l2 f+VB 

and: 

(W/L)6 = (W/L)7 

Although this method does produce the required gate voltage, it suffers from 

one drawback from an implementation point of view. It is well known [72] that 

optimal matching of transistors occurs when the geometry ratios are equal. The 

circuit shown in Figure 4.1 requires that the absolute characteristics of the transis-

tors be constant over the circuit, and that the matching be ideal between transistors 

of differing geometry. Any mismatch in the transistors will contribute to the non-

linearity of the resistor characteristic, since the condition in (4.1.4) will not be 

satisfied. Thus, a circuit which requires matching of differing geometry ratio 

transistors may not be the best choice. 

Another solution, proposed by Tsvidis, is to use a pair of matched p channels, 

with complementary gate voltages as shown in (4.1.6). 

V01=Vc+VD , VG2=VC+VS (4.1.6) 

Using 'a pair of transistors with the gate voltages given in (4.1.4), the total 

current through the pair is twice the value given in (4.1.3). A circuit which 
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achieves a matched pair with the appropriate gate voltages is shown in Figure 4.2, 

with the resistor action occurring between terminals R(1) and R(2). This circuit 

does not suffer from the drawback of the previous design, since the matching 

requirements are only that the transistors in a pair be matched to each other, and 

not to other pairs in the circuit. Also, the symmetrical nature of the circuit is such 

that all pairs which must be matched are of equal width to length ratio, further 

improving the expected matching. 

Figure 4.3 shows another possible implementation of a CMOS resistor circuit 

using a pair of operational transconductance amplifiers (OTAs) [46]. This circuit is 

simple, and works well for the reported implementation, which used a pair of 

highly matched bipolar OTAs, the National Semiconductor LM 13600. However, 

the circuit again suffers from implementation drawbacks. The pair of OTAs must 

be very well matched in order that the current flowing in each resistor lead be 

equal (as it obviously would for a passive resistor). This is difficult to achieve 

without very special layout considerations. Additionally, the range of transconduc-

tance for a CMOS implementation of an OTA is more limited than that of the 

bipolar circuit due the larger voltage drops in the CMOS circuit. A third disadvan-

tage of the method is that the number of transistors is much higher for the two 

OTA circuit than for the circuit of Figure 4.2 (2 x 5 transistors for a pair of even 

the most simple OTA which could be used vs. 6 in total for the circuit of Figure 

4..2). 
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Figure 4.2 A CMOS Resistor Circuit Using Two Active Devices. 
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Figure 4.3. A CMOS Resistor Circuit Using Two OTAs. 
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Other circuits exist to implement resistor action between one terminal and 

ground (or virtual earth) [44] - [45], however these are obviously unsuitable for 

application in a GIC. Based in the aforementioned discussions, the circuit of Fig-

ure 4.2 was chosen for use in the integrated GIC. 

4.1.2. Parts Reduction in a Series Combination of Two CMOS Resistor Cir-

cuits 

In an application such as the GIC of Figure 2.1, resistors will be connected in 

series. Figure 4.4 (a) shows a standard connection of two of the resistor circuits 

such that a pair of resistors in series will be achieved. 

Examination of the 'circuit of Figure 4.4 (a) reveals that the values of width to 

length ratio for the devices may be chosen such that two of the eight bias transis-

tors may be eliminated. Since the resistors are connected in series, the gates of 

transistors m2b1 and m2a2 will be electrically connected. Since these points are 

connected, the two aforementioned transistors may be combined into a single FET. 

Similarly, the two biasing transistors m3b1 and m3a2 may also be coalesced into a 

single FET. This novel simplification results in the circuit shown in Figure 4.4 (b). 

In order to realize two resistors of equal value in series, the simplification 

described above may be applied directly to the pair of circuits. However, if the 

values are to be unequal, the geometry ratios of the two active p channel pairs 

must be altered. This operation must be performed because the act of combining 

the two bias networks forces the bias condition of the p channel pairs to be equal, 
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Figure 4.4 (a). Standard Series Connection of Two CMOS Resistor Circuits. 
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Figure 4.4 (b). Simplified Connection of Two CMOS Resistor Circuits. 
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thus the difference in resistance may only be achieved by altering the width to 

length ratio. 

4.1.3. Layout of the CMOS Resistor 

The primary layout consideration for the CMOS resistors is to ensure close 

matching of the pairs mia - mlb, m2a - m2b, and m3a - m3b. For the pair m3a - 

m3b, the common connection of the substrates allows the pair to be fabricated in 

the same well. The pair m2a - m2b have sources and substrates connected, but to 

different points. Although from a biasing point of view it would be possible to 

connect the substrates to ground and thus allow fabrication of the pair in the same 

well (in fact in the same well as m3a - m3b), this would alter the small signal 

operation by introducing a source to substrate threshold dependence in m2a and 

m2b. This would cause the gate-source voltages of m2a and m2b (since they are 

fed with current sources) to vary with the impressed voltage at the resistor termi-

nals, which would violate the condition shown in (4.1.4). Thus, since the sources 

and substrates of each transistor must be connected and are at different points in 

the circuit, each must be fabricated in its own well, and the two must be in close 

proximity. The active p channel pair, mia - mlb, must be in the same substrate by 

nature of the p well process. Thus, the p channel pair should be in close proximity 

as well. 
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A plot of the masks generated by the program ELECTRIC is shown in Figure 

4.5. This cell has been designed to have the same height as the VCCS cell to 

allow direct interconnection of the VDD and Vss lines. Once again, large metal to 

diffusion contacts have been used to reduce the susceptibility to latchup. The 

actual design fabricated consisted of three of the cells shown in Figure 4.5. 

4.1.4. Least Squares Approximation to the Resistor Characteristics 

In order to obtain a measure of the non-linearity of the CMOS resistor, it is 

necessary to obtain a straight line approximation to the static characteristic. One 

statistical method for doing this is the least squares approximation [73]. In this 

method, the sum of the squares of the difference between the actual and approxi-

mated value for each point is minimised by the appropriate choice of slope and 

intercept. However, this method does not guarantee that the line which minimises 

the sum of the squared errors will pass through a specific point. 

In the case of the resistor, both the simulation and measured curves pass 

through the origin, i.e. there is (essentially) zero current through the resistor for 

zero voltage across it. In order to maintain this feature of the behavior, it is neces-

sary to ensure that the intercept of the straight line approximation passes through 

the origin, that is its intercept is zero. The straight line approximation with the ori-

gin as a point will now be derived. 
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Since the straight line approximation must pass through the origin, its equa-

tion is given by equation (4.1.7). 

Yapprox = m Xappmx (4.1.7) 

The sum of the squared errors between the measured and approximate values 

is given by equation (4.1.8). 

Ii 

total ,error = (y measured - Y approx1)2 
i=1 

Substituting for Yapprox from equation (4.1.7) yields equation (4.1.9). 

n 
total error = (Y measured - measured) 

i=1 

[y measured2 - 2my measured measuitd + measured ] 2 

(4.1.8) 

(4.1.9) 

Thus the problem is to choose the slope m such that the total error is minim-

ised. This may be accomplished by setting the derivative of (4.1.9) with respect to 

zero, as show in equation (4.1.10). 

(total 

error) = Ymeasured1Xxneasured + 2mx measured.2 = 0 (4.1.10) 
i=1 i=1 

Thus, the value of the slope for the line with minimum squared error from the 

measured curve is given by equation (4.1.11). 
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measured,Y measured1 

X measured,2 

4.1.5. Measured Characteristics of the CMOS Resistor 

(4.1.11) 

The resistor circuit shown in Figure 4.5 was fabricated in Northern Telecom's 

CMOS LB process through the Canadian Microelectronics Corporation. Figure 4.6 

shows a typical measured static characteristic. For this test, a control voltage was 

applied to the gates of m3a - m3b, one resistor terminal was grounded, a known 

voltage applied to the other terminal, and the current flowing in the voltage source 

measured. This operation was repeated for several values of the control voltage. 

The plot also shows the least squares approximation to each curve. 

Figure 4.7 shows the measured and SPICE generated characteristics for one 

resistor on each of four chips. Table 4.1 shows the exact value of resistance (slope 

of the least squares approximation to the curve) for one value of control voltage for 

a resistor on each of four chips. These data suggest that while the value of resis-

tance from chip to chip varies by approximately 8 - 9 %, the values on the same 

chip vary by less than 1 %. 
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resistor # chip 1 chip 2 chip 3 chip 4 

1 59.64 k_Q 64.12 k92 59.07 k.Q 59.55 k 

2 59.66 k92 64.20 k92 59.88 kQ 59.50 k≤ 

3 59.58 k.Q 65.58 kQ 59.53 k≤2 59.46 k92 

Table 4.1. Matching of Resistance Values. 

Using the slope of the least squares approximation to the characteristics as the 

average value of resistance, the value of resistance as a function of control voltage 

may be plotted as shown in Figure 4.8. The "non-linearity" of the resistor has 

been defined as the difference between the measured value of current and the value 

predicted by the straight line approximation, normalized to the straight line value 

and expressed as a % (i.e. the % deviation of the measured value from the straight 

line approximation value) [74]. Using this definition, the non-linearity has been 

found to be less than 5% for terminal voltages of magnitude less than 0.5V, and 

control voltages in the range 2.8V - 3.2V. 

4.2. Offset Analysis of the Type 1 Simulated Inductance 

Due to device mismatches, an actual VCCS circuit will suffer from a non-zero 

offset voltage at the output of the voltage follower (terminal 2), and a non-zero 

offset current flowing out of (or into) the output of the current follower (terminal 
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Figure 4.8. R vs. Vc for Four Chips and SPICE. 
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3). Thus it is important to examine the influence of these non-idealities on the 

quiescent voltages of the GIC. 

Figure 4.9 shows the 2 VCCS GIC with a VCCS model which includes the 

offset voltage and current. The circuit may be simplified for dc analysis by noting 

the following properties. The current source Ic2 may be eliminated, since both 

terminals are connected to ground. Since no dc current may flow in an ideal capa-

citor, C5 may be removed from the circuit. Since no dc current is flowing in C5, 

and no current may flow in a nullator, no current' may flow in R4, which leads to 

the identity shown in equation (4.2.1). 

V4=V5 (4.2.1) 

Since a nullator may not support a voltage across its terminals, equations 

(4.2.2) and (4.2.3) may be written. 

V6 = V2 + 

V3 = V4 + V0ff2 

(4.2.2) 

(4.2.3) 

Using KCL at V2 and V4 results in equations (4.2.4) and (4.2.5) respectively. 

V2 + V2—(V3+V0ff2) = 0 

RL 

V2 + V 1 V02 
+Ioff1 

R3 R6 

(4.2.4) 

(4.2.5) 

Solving these equations for V2 and V4 leads to equations (4.2.6) and (4.2.7) 

respectively. 
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Figure 4.9. Offset Model of the 2 VCCS GIC. 
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R 
V2=V0ff1 +V0ff2 [r I Ioff, R6 

I R) + - [[R3.]1 R2 V3 = —V0 Ii + - - V0ff2 RL ( RL 

I0ffR [i+.a.] 

(4.2.6) 

(4.2.7) 

The measured offset voltage of the design described in Chapter 3 has been 

found to be 1OmV or less for most chips. The value of offset current has been 

found to be less that 2 pA for those chips with low voltage offset. Thus, if the 

quiescent voltages at the internal nodes of the GIC are to be less than 100mV, the 

impedance level of the GIC will be limited to approximately lOOldi 

4.3. Characterisation of the CMOS VCCS for Simulated Impedance Filters 

In order to use the CMOS VCCS as. the active element in a GIC based filter, 

the parasitic resistance and capacitance at each node must be accurately known. 

The values of these elements may be determined by locating the poles caused by 

the parasitic and two known resistances. The ratio of the pole frequencies leads to 

the value of the parasitic resistance at the terminal, then either resistance - fre-

quency pair may be used to determine the parasitic capacitance. In order to obtain 

a true value of parasitic capacitance for the device (and header and bonding struc-

ture), the parasitic capacitance of the test setup must be subtracted from the answer 

determined by the two pole analysis. 
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The value of the transconductance of the follower may be determined using 

an accurate measurement of input voltage vs. voltage at terminal 2 for a low (1k) 

value of terminating resistance at 2. Since the impedance of the scope probe will 

be high, a simple resistor divider analysis yields gm In the same manner, an accu-

rate measurement of the voltage ratio from terminal 2 to. the input and terminal 3 

to terminal 2 for higher (20k≤≥) impedance levels and low (1kHz) frequency leads 

to the values of low frequency transfer accuracy for the voltage and current fol-

lower stages. 

The measured values of parasitic impedance at each node, transconductance, 

and voltage and current follower low frequency transfer accuracy are summarized 

in Table 4.2. 
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Parameter Value 

Rin >lOM≤ 

C1 7.4pF 

Rd 3.3 M92 

Cm jd 4.2pF 

Rout 2.7 M≤ 

Cout 4.5 pF 

gm 8.3 fllflthOS 

1 612 0.989 

1 - 623 0.991 

Table 4.2. Measured Small Signal Paratmeters of the CMOS VCCS 

Figures 4.11 and 4.12 show the magnitude and phase performance of the vol-

tage follower portion of the CMOS VCCS. The peaking predicted by equation 

(3.4.10) is evident in the magnitude characteristic. Both the frequency at which the 

peak occurs and the magnitude of the peak are less than the values predicted by 

SPICE, probably due to mismatches in the actual design and strays not accounted 

for in the simulation. Figures 4.13 and 4.14 show the magnitude and phase charac-

teristic of the current follower section of the VCCS. As in the case of the voltage 

follower peak, the magnitude and frequency of the minimum are shifted from 

simulation, however both the measured characteristic and SPICE simulation show 
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Figure 4.12. Magnitude Response of the CMOS VCCS Current Follower. 
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the initial single pole rolloff predicted by equation (3.6.10), with feedthrough 

behavior at higher frequencies (due to effects not included in the simplified 

analysis of section 3.6.4) 

4.4. Second Order Biquad with CMOS VCCS and Passive Components 

In order to demonstrate the application of the CMOS VCCS to simulated 

impedance filters constructed using the 2 VCCS GIC, the filter of Figure 2.18 was 

constructed using the CMOS VCCS and the values of passive components listed in 

table 4.3. 

Component Value 

Rf 

Cf 

R2 

R3 

R4 

C5 

R6 

30 k≤ 

338 pF 

47.0 k2 

47.0 k 

47.0 k≤ 

15.3 pF 

2.56 k≤ 

Table 4.3. Component Values for the 2 CMOS VCCS GIC Filter (low 1). 

Figures 4.14 and 4.15 show the magnitude and phase response of the filter 

respectively, and the response of an ideal passive lossless filter simulated using 
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SPICE. The curves in these Figures show almost exact agreement, which means 

that the GIC is Q enhanceable, and that the inductance is virtually constant with 

frequency. 

Figures 4.16 and 4.17 show the magnitude and phase response respectively of 

the filter whose element values are given in Table 4.4. 

Component Value 

Rf 

Cf 

R3 

R4 

C5 

R6 

10 k≤ 

162 pF 

2.0 k 

2.0 k 

2.0 k 

22 pF 

1.85 k 

Table 4.4. Component Values for the 2 CMOS VCCS GIC Filter (high f). 

Figures 4.16 and 4.17 also show the performance of an ideal lossless passive 

filter. These characteristics show good agreement at the passband, with some 

feedthrough on the skirts, probably due to feedthrough effects from the parasitic 

capacitances on the printed circuit used to test the structure. However, the Q factor 

is enhanceable even at this higher frequency, as evidenced by the value of gain at 

the peak (0 dB). 
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4.5. Second Order Biquad with CMOS VCCS and Three Integrated Resis-

tors 

As a first step towards obtaining a fully integrable filter, a biquad with the 

component values shown in Table 4.5 was built, where resistors R2, R3 and R4 

were realized using the CMOS resistor circuit of Figure 4.2. Due to the limited 

range of R value possible with the integrated resistor, R6 could not be integrated. 

Component Value 

Rf 

Cf 

R2 

R3 

R4 

C5 

R6 

50.3 k2 

43 pF 

50 k≤ 

50 k1 

50 k 

15 pF 

1754 

Table 4.5. Component Values for the 2 CMOS VCCS GIC 

Integrated Resistor Filter (low f). 

Figures 4.17 and 4.18 show the measured magnitude and phase of the filter, 

respectively, and the simulated performance of a passive lossless filter. These 

characteristics show that even with the replacement of the passive resistors with 

active ones, the GIC is still Q enhanceable and the inductance characteristic is 
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essentially constant with frequency. 

Table 4.6 lists the component values for a filter with slightly higher center fre-

quency than that of Table 4.5. 

Component Value 

R1 50.3 k≤ 

C1 15 p 

R2 50  

R3 50 k 

R4 50  

C5 15 p 

R6 1754 92 

Table 4.6. Component Values for the 2 CMOS VCCS GIC 

Integrated Resistor Filter (high 1). 

Figures 4.18 and 4.19 show the magnitude and phase response of the filter 

respectively with a SPICE simulation of a passive lossy biquad. These plots reflect 

the maximum Q factor obtainable in the experimental filter which is not large, as 

indicated by the low center frequency gain. However, it is felt that the lack of Q 

enhanceability of the GIC is possibly due to large parasitic capacitances on the 

printed circuit. It has been found in simulation that the GIC may or may not be Q 

enhanceable, depending on the magnitude of the parasitics and the frequency of 
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interest. A fully integrated version of the filter will almost certainly be Q enhance-

able. It is also felt that the value of R6crit will be within the range of the integrated 

resistor, since the author's experience has been that large parasitics tend to depress 

the value of R6crit. 

4.6. Fully Integrated CMOS VCCS Biquad 

A biquad with CMOS resistor circuits for all resistors and integrated capaci-

tors was laid out and fabricated in CMOS lB in order to realize a fully integrated 

continuous time filter. Figure 4.19 shows the layout of the filter. 

A fully integrated version would be more likely to show high Q factor than 

the filter built out of separate components since all the socket and board stray capa-

citances would be eliminated. 

Unfortunately, all the designs tested showed offsets at the internal GIC nodes 

which were of the order of volts, which would use all the available Class A drive 

current and render the design unusable. Although no fault was detected by the 

author in a layout check, the possibility of an interconnection error must still be 

considered. Leakage from the resistor circuits is very small (nA), and thus should 

not contribute to the offset in a fully integrated design. 

It is possible that the area of the wafer on which the chips were fabricated 

showed a strong process gradient and that offset currents in the current follower 

stage are the major contributor to the offset in the GIC. Due to the nature of the 



University of Calgary - Department of Electrical Engineering 

Library intfll 
Cell Name : Lfiltframe 
Cell Size 3710 x 2250 
Cif File ili.cif 

- metal 
polysilicon 

- cap polysilicon 
- device well 

Integrated Continuous 
Time Biquad Filter 

Designed by Dave Walkey 
Oct 1986 5u submission 

contact cut 

U 9 9 9 Figure 4.22. Layout of the Fully Integrated CMOS VCCS Biquad. 



188 

layout it is not possible to isolate a single VCCS to determine its characteristics, so 

this possibility is difficult to verify. 

Unfortunately, the number of CMOS lB submission deadlines has recently 

been reduced to two, and the delay until the next submission coupled with the 

delay between the date of submission and the date of reception of chips makes it 

impractical for the author to submit the fully integrated design again in the course 

of this work. 



CHAPTER 5 

CONCLUSIONS AND RECOMMENDATIONS FOR FUTURE RESEARCH 

5.1. Conclusions 

In Chapter 2, a technique has been developed for increasing the signal han-

dling capability of the two VCCS GIC. Using the previously designed bipolar nul-

br and a commercially available op-amp, fifth order filters with 5 - 6 times 

increased signal handling capability for the same level of output THE) were con-

structed. Controlled source models for both the nullor and op-amp were imple-

mented in SPICE, and the output of a simulation of the GIC topology was found to 

correspond closely to the measured characteristic. The superiority of the nullor-

op-amp GIC over the traditional 2 op-amp GIC using the same op-amp was 

demonstrated by constructing equivalent fifth order filters using both GIC types. 

In Chapter 3, a Class A CMOS VCCS was designed and analysed, using both 

the simple Weimer and channel shortening models for the MOSFETs. The static 

offset, low frequency small signal and high frequency small signal performance of 

both the voltage and current follower stages of the circuit were analysed. A condi-

tion relating the geometry ratios of the input differential pair and mirror was 

derived which ensured (in the absence of mismatches) zero offset. A small signal 

low frequency expression relating the transconductances of these transistors was 
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found which corresponds to the zero offset condition. The voltage follower was 

found to exhibit a peaking at high frequencies whose magnitude depends on the 

load impedance at terminal 2, and the current follower high frequency performance 

was found to be a single pole rolloff, in a simple analysis. The VCCS circuit was 

designed and fabricated, and the quiescent voltages compared with the SPICE 

predicted voltages, with the value of 7 appearing to be least well modeled in 

SPICE. 

In Chapter 4, several CMOS resistor circuits which may be applicable to GIC 

realizations were examined. From implementation considerations relating to the 

necessary matching of structures in the designs, one circuit was chosen as being 

most suitable for GIC applications. For situations where two resistors are con-

nected in parallel, a simplification was described which reduces the necessary bias 

transistors from 8 to 6. This circuit was designed and fabricated, and the measured 

characteristics examined for matching and linearity, using a single constrained 

point least squares approximation to the measured characteristic. The matching 

was found to be of the order of 8% for resistors on different chips, and 1% for 

resistors on the same chip, and the non-linearity less than 5% for +1- 0.SV terminal 

voltages and control voltages from 2.8V - 3.2V. The CMOS VCCS was character-

ised for filter applications by measuring the parasitic impedances at each of the ter-

minals, the transconductance, and the low frequency transfer error. The measured 

high frequency performance was found to behave as predicted by SPICE and the 

equations derived in Chapter 3, with some reduction in gain and bandwidth of the 
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high frequency characteristic. A biquad filter constructed with the CMOS VCCS 

and passive components was built which achieved Q enhancement at center fre-

quencies of 70 and 250 kHz. The 70 kHz biquad's performance was nearly 

exactly that of a passive lossless filter, while the 250 kHz filter showed some 

feedthrough at higher frequencies, probably due to parasitics on the experimental 

printed circuit. Equivalent filters were constructed with center frequencies of 70 

and 190 kHz using active resistor circuits in place of three of the passive GIC 

resistors, and one passive resistor. The 70 kHz filter was Q enhanceable, and 

showed nearly ideal response when compared with a passive lossless filter. The 

190 kHz filter was not Q enhanceable, probably due to parasitics on the circuit 

board. A fully integrated version of the biquad suffered from large internal offsets, 

possibly due to process variations on the wafer. 

5.2. Recommendations for Future Research 

The results for the increased dynamic range filters suggest that this technique 

is useful, and can be applied in other situations. An interesting test would be to 

see what the practical limit is on increasing the dynamic range of a GIC. As the 

impedance level was scaled up further, offsets would almost certainly become a 

problem, as would strays. At some point, the impedance level of the filter would 

rise to the point where the impedance of the parasitics was not insignificant com-

pared to the impedance of the GIC components, at which point the GIC would 

probably lose Q enhancement capability. 
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In order to apply the technique to the CMOS case, a CMOS op-amp should 

be used as the Class AB buffer. Circuits to implement Class AB op-amps are well 

known, and one could easily be integrated and characterised for use in this situa-

tion. Of course, a GIC constructed using this circuit would suffer the same practi-

cal limits on impedance scaling as the bipolar circuit based GIC. 

One interesting analysis would be to determine the limits on the parasitic 

values at the GIC nodes for Q enhanceability. The solution of this problem would 

be a region of multi dimensional space in which the GIC could be enhanced, and 

outside of which it could not. As a function of frequency, this would set an upper 

bound on the possible frequency range over which a GIC with active components 

of given performance criteria could be used. 

The CMOS VCCS functions adequately to allow filters to be constructed in 

the 100kHz - 1MHz range. The load dependent peaking, which is a problem in 

discrete implementations of the GIC, would not severly limit the performance of an 

integrated filter. In addition, the effect of resistor non-linearity on the performance 

of the GIC should be examined. The non-linear nature of the characteristic would 

introduce a distortion into the GIC response which might hamper the performance 

of the simulated element. In this regard, further characterisation of the non-

linearity of the resistor as a function of control voltage, as detailed in Chapter 4, 

would be useful. 

One analysis which was not performed for the CMOS VCCS was a thorough 

noise analysis. Detailed measurement of the noise performance should be 
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performed in order to determine the limiting dynamic range of the device for filter 

applications. Also, analysis of the performance of the VCCS as a function of tem-

perature would complete the theoretical characterisation of the circuit. 
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Appendix A. The Nullor Circuit Element. 

An ideal nullor element is comprised of two components, a nullator and a 

norator. These elements are depicted in Figure A.1 (a). The nullator is character-

ised by zero differential voltage and zero transmitted current. The norator is 

characterised by arbitrary differential voltage and arbitrary differential current. It 

has been shown [14] that for a physically realizable system, the nullators and flora-

tors must occur in pairs. 

An example of the use of nullors in circuit modeling is shown in Figure A.1 

(b). Since the inputs to an operational amplifier draws very little current, and since 

in a negative feedback configuration the differential voltage across the input is 

reduced to almost zero (if the open loop gain is large), the input leads may con-

veniently be modeled as a single nullator. Ideally, the output of the op-amp may 

assume whatever voltage and supply whatever current is necessary to reduce the 

differential input voltage to zero, thus the output may be modeled as a single nora-

tor. 

The nullor circuit implemented in this work is an approximation to a nullor - 

norator pair functioning in a voltage controlled current source (VCVS) 

configuration, as shown in Figure A.2. Ideally, the voltage present at terminal 1 

will be transferred to terminal 2 by the voltage follower (nullator), and the current 

which therefore flows in the load at 2 will be transferred to terminal 3 by the 

current follower (norator). This circuit is then a fully floating nullator - norator 
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nut I ator 
I = Ø, VØ 

norator 
Iarb. , Varb. 

Figure A. 1 (a). Nullator and Norator Symbols and Voltage Current Relationships. 

Figure A. 1 (b). Nullor Model of an Ideal Op-Amp. 
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Figure A.2. Nullor VCVS. 
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pair, as opposed to an op-amp which has one side of the output norator grounded. 

A single op-amp, therefore, cannot be used to realize the nullator - norator pair 

shown in Figure A.2. 
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Appendix B. Solution of the Driving Point Admittance of the 

Nullor Op-Amp GIC 

Figure 2.6 shows the full schematic for the nullor op-amp GIC with node vol-

tage definitions. The system may be fully described by writing the expressions for 

Kirchoff's current law at each of the 5 voltage nodes. These expressions are 

shown in equations (B.l) - (13.5). 

where: 

0 = (v3 - v2) Y2 + (v3 - v4) Y3 + V3 YP3 + i opt 

0 = (v4 - v3) Y3 +(v4 - v5) Y4 + v4 Y,4 + i null 

0 =(v5 — v4)Y4+(v5 — v6)Y5+v5Y ps +i0 

0 = (v6 - v5) Y5 + v6 Y6 + v6 Y,6 + inulz 

Y P2 = + jüCj for nullor 
Rin 

Yp3 

Y  

Yp5 

Yp6 

- 1 
- Jcm(-) for op-amp 

- 1cm() 

=Rout + Jout for nullor 

-  1  
+ JQ)Ccm(+) for op-amp 

- Rcm(+) 

= + joCd for nullor 
R1jd  

(B.1) 

(B.2) 

(B.3) 

(B.4) 

(13.5) 

The values of the currents i, 1, i,, i01, and i0,2 may be determined directly 

from the circuit topology as shown in equations (13.6) - (B.9) 
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inull = (fv - v6) gm f23 (B.6) 

= (v6 - f12v2) g (B.7) 

= (v3 - A(ci))( v5 - v3)) Y. + (v3 - v5) Yin (B.8) 

i092 = (v - v3) Y1 (B.9) 

'Y in = Rin + jo)C j for op-amp 

YO = _L for op-amp 
r0 

Although equations (B.6) - (B,9) could be incorporated directly into equations 

(B.2) - (B.4), the separation of the terms results in increased accuracy for reasons 

which will become apparent below. 

In order to solve for the driving point admittance, it is convenient to set the 

terminal voltage v2 to 1 + jO. In this case, the input current iin will be exactly 

equal to the driving point admittance. 

The resulting system of equations may conveniently be described by the 

matrix notation shown in (B.10). 

x = N y (B.10) 

where 

x=[ai b1 0 00 f1 g1 0'O 

y = [ii. V3 V4 V5 V6 inull inuI2 iop, 1OPz I T 
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N = 

A= 

C 

1 a2 0 0 0 - 

o b2 b3 0 0 
o c1 c2 c3 0 
o o d1 d2 d3 
o o 0 e1 e2 

0 0 0 0 f2 

0 0 0 0 92 

0 h1 0 h2 0 

0 k1 0 k2 0 

a1 = —(Y2 + Y 2) , a - 

0000 

0010 

B= 1 0 0 0 

0001 

0 1 0 0 - 

0= 

—1 0 0 0 

o —1 0 0 
0 0 —1 0 

0 0 0 —1 

b1=— Y2 , b2=Y2+Y3+Y 3 , b3= —Y4 

CI=— Y3 , c2=Y3+Y4+Y 4 , C3=— y4 

d1=— Y4 , d2=Y4+Y5+Y 5 , d3=— Y5 

e1=— Y5 , e2=Y5+Y6+Y 6 

fi = fif3g , f2 = - f3g 

g=—fg 92=g 

h1=Y0 (1+A(co))+ Yin , h=Yin 

This system of equations is poorly conditioned, due to the large magnitudes of 

g, f12, f3 and A(0) compared to the values of the GIC and parasitic admittances 

in the frequency range of interest for these filters. Thus a simple Gaussian reduc-

tion algorithm will not suffice, and scaled column pivoting must be used in the 
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reduction process. The accuracy of the solution is increased by the inclusion of 

explicit equations for i, 1, i, 2, i0,1, and i01,2.  because this gives an opportunity for an 

additional scaled Gauss pivot row exchange for each variable. In fact, without the 

separation of the equations, a meaningful solution could not be obtained. 

An alternative method for the solution of the system (B.10) would be to deter-

mine numerically the inverse of N and multiply the known vector x by this matrix 

to arrive at the solution vector y directly, without the need for back substitution. 

However, this method was not implemented due to the vastly increased computa-

tional requiremenfs. 
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Appendix C. Second Order Bandpass Filters using Simulated L Elements 

C.1 Frequency of Resonance 

Figure 2.18 shows a typical second order LC resonant filter. The transfer 

function of this network may easily be determined to be that shown in equation 

(C.1). 

H(s) = 

Iii 
SLCR .1  

11  
+ I Cf Rf + Cf Ref((0) ] + Cf LefgcO ) ] 

(Cd) 

Introducing the notation shown in equation (C.2), expression (C.1) may be rewrit-

ten as shown in equation (C.3). 

a2 = Cf Reff(CO) 

1 

Cf Rf 

1 

1  
a3 = Cf Leff(CO) (C.2) 

H(s) = 2 sai . (C.3) 
S +s(a1+a3)+a3 

The steady state frequency response of the network may be determined by set-

ting s = jco in equation (C.3) to yield equation (C.4). 

H(jo) = 
jc0a1 

[a3 _ 2 ]+j(@( (Xl+ (X2)) 

Equation (C.5) shows the expression for the magnitude of H(ji). 

(C.4) 
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'IH(Jco)I=   
CO CL1 

OC3 - CO 2 1 2 + ( CO ( CCI + a2 ) )2 ) 1/2 
(C.5) 

The center frequency of the bandpass filter may be determined by solving for 

the point where the derivative of the magnitude function with respect to frequency 

is zero. This equation is shown in (C.6). 

dIH(j  - 
do) 

da1 
cC1 + CI) do) 

a3 -(02 ) 2 + ( CO ( a, + (X2 ) )2 ) 1/2 

2 ( a3 - (02) a3 - 2o) (•do) ] 

I (j)2 ) 2  + ( co( a1+ cc2) )2 j3/2 

'3/2  I + 

Ida 
2(o) ( a 1 d%+ cc2)) [ 1 2+ J] 

(C.6) 

Setting expression (C.6) equal to zero and simplifying yields equation (C.7). 

o [CL1 da1 = +o— [[a3+(o)(al+a2))2) 
do) 

1 [ 2(a3 ja 1 3 ] 
--• O)cL1 _o)2)I__2o) 

dco 

+2(co(a1+a2 )) 
dx1 da2 

a1+cc2+O) I)] (C.7) 

If the filter is constructed with passive components for Cf and Rf, the dependco 

dc 1 
dence of these values on CO will be negligible, hence - = 0, and equation (C.7) 
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may be further reduced to that shown in (C.8). 

dw - (a1 + a2) dco I (C.8) 0 = [a3 o)2] [[ a3 + w 2) da3 I O) CO 

The derivatives of a2 and a3 may be solved using the identities shown in 

(C.3) to yield the expressions shown in (C.9). 

1 1  j2 dRe ((0) dReff(()) 

do) - icr Reri(0)) J Cf do) = - a22 Cf dco 

1 1  2 dLeff(()) dLeff(o)) 

do) - Cf Leff((0) j Cf dw - a32 Cf do) 
(C.9) 

The identities shown in (C.9) may be substituted into equation (C.8) to yield 

equation (C.10). 

+ 

0—[w2 1 1  + 11 
- Leff((0) Cf J 0)2 Leff(o)) Cf j 

1 dL ff(co) I  ] [ 1  ] [ 1  
+ dco L(o) 0)2 ) Leff(CO) Cf 0)2 Leff(CO) Cf 

1  

do) Ref(o)) [CO R0)) Cf ] [0) Rf Cf + CO Ref (o)) Cf ] dReff(C0) 0)  I  1  

I 
(C.10) 

Thus, the solution of equation (C.10) for co yields the frequency at which the 

derivative of the magnitude transfer function of the second order bandpass filter is 

equal to zero, i.e. the frequency at which the magnitude response peaks. The solu-

tion of equation (C.10) involves solving for the zero of a single variable function 

eff()  
with variable coefficients, since the actual values of Reff(0)), Leff(CO), do) , and 
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dLeff(()) 

dco 
vary with co. This operation must be performed numerically, since the 

frequency dependent parameters must all be evaluated numerically using the tech-

nique discussed in Appendix B. 

Using equation (C.4), the expression for the phase of the second order transfer 

function may be written as shown in (C.11). 

arg [How) 
)=_arctan [ ' a3—co2 ] (C.11) 

Setting expression (C. 11) equal to zero to find the zero phase frequency and 

simplifying yields equation (C.12). 

tan k  - ] co(a1+c) -- 
Since tan - co, this implies the condition shown in (C.12). 

I i  ½ 

(U I == Cf Leff((0) 
1phase—O 

Thus, although the frequency at which maximum gain occurs may be shifted 

by the change in inductance and parallel resistance with frequency, the frequency 

at which the phase zero crossing occurs is not a function of these rates of change. 

This implies that the frequency at which the phase zero crossing occurs is the 

effective "resonant frequency" of the filter, that is the point at which the reactance 

of the inductor and capacitor are equal and opposite in sign. Also, equations 

(C.1O) and (C.12) suggest that the frequencies at which maximum gain and zero 

(C.12) 

(C.12) 
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phase crossing occur will in general not be equal. 

C.2 Stability 

Using the transfer function shown in equation (C.3) and the standard solution 

for the zero of a quadratic equation, the locations of the poles may be written as 

shown in equation (C.13). 

Spole 

—(a1+a2) [ l+a)2_4a3]½ 

2 
(C.13) 

In order for the system to be BIBO stable, all the poles must lie in the left 

half of the complex s plane. This implies the condition shown in (C.14). 

1 '1 [ 
- ( a1 + a2) = - [ 1 J - Rf Ref +  1 ) I <0 (C.14) 

Since the values of Cf and Rf will always be positive, the condition may be 

rewritten as shown in (C.15). 

Rf 
  +1>0 (C.15) 
Reff(0)) 

Thus, if R(o) is negative, the system will be stable only if 

I Reff(CO) I > I Rf I. This implies that the maximum gain of a stable filter (given by 

Reff(0)) 
) may be greater than one if the value of Reii(CO) is large and nega-

Reff(CO) + R1 

tive, 
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Appendix D. Full Expression for the Transfer Accuracy of the 

CMOS Voltage Follower 

Equation (D.1) gives the full analytic expression for the transfer accuracy of 

the class A voltage follower with channel shortening. 

V2_ 1 f  

Vi - f2 

where: 

f1= g02+ 

1  
g, 1 ( g + g4) { g0 1 [ g0 2gm3 + gm4go + iSo2 + 503502 

(D.1) 

g, g,, 5 

+g05 g 4 g5+g' +g03g4 g5+g , + g,4g 05 1 

+ 904901 + g04gm3 + 903904 

+ Sosl [ migm4 gmi 

g, + g2 

I 
g,, 
 , + g02g, 1 

g,, + 92 

g, 

+ 903902 + g03gm4 gms + g2 + g04gm1 + 903904] 

g, 5 g, 5 

+ g03 [ g4g5 g5 + g2' + g,gm4 g,, + g2' 

+ g,fl1502 + g4gO2 II 
g,, 

+ 904 [ gm1g02 + g,1g,3 g, 5 + g2' 
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g g,, 5 
+ g,2g,3 ,5  g01g,  , I 

g5+g , g 5 +g 

+ 9 039 04 [g1 + g, 2 + 902 11 

[  f2 =  912 + g, 3g,4 + g4 j g 1 

1 
90 1 

g, 5 

g, + g2' 

g,n5 

[ + g02gm3 + g02gm4 g,, 3g4 g,5 + g2'  

+ g04901 + 904902 + gm3g04 

g, 5 

+ 90290S  + 9M490S 1 g, 5 + g2' + 902903 

g, 5 

+g03g 4  
g, + 92' + 9039041 

g 25 

+g0 [ g, 5 + g2' + 9M1902 + g0•2g0 

gms 
+ g03gm4 g, 5 + g2' + g04gm1 + 903904 I 

+ 903 [ g1g4 g, 5 + 9M29M4 
g ms 

g, + g2' g, 5 + g2' 

+ g,, 1g02 +.g 4g02 I 

+ 904 [ gm1g02 + gMIgM3 + gmgm3 I 

+ 9 039 04 [g,n1 + g,, 2 + g02] } 

Using the identity shown in equation (3.3.?), the expression shown in (D.1) 

may be simplified to (D.2). 
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V2 _ 1 f3 
v1_ f 

where 

f = g02 + 
1  

g1(g3+g,) { 
+ g01 [ oz(m3 + g) + g04(901 + g02 + g) (90S I 

+ + 903) [902 + g4  g,5+ 

+ g01 (903 + g, 1) 

+ 903 

[goz + gm4 g 5 + g2' 

g, 

g,, 5 

+ go4gm1 + 903904 - 
gms + g2 

g, 5 

[cmi [902 +g 4  
g, 5 + g2' 

gms 

+g 2g 4 g,2 5 + g2, + g,2g,4 

+g04 [ Ig3+g4 1 g1g02+g3g1 I 
gm3 J 

g, 
- g,g01 F 

g, 5 + g2 I 

] 

(112) 
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g02+g1  g3 [ lgm3+gm4  +g03g04  

g, 5  
f4m4gms • g2  +g02+ g1(g3+g4) { 

+g01 m4 gms g + g2' + g02(gm3 + g, 4) + 904(g0.1 + g02 + g,,3) 

+ +g03) [goz + g 4 gms  gms + g2' ] + g004 ] 

+g0 (g03 +g j) 
g, 5  

902 + g 4 gms + g2' 

g,5 
+ 903 {ni +g4 [go2  

g 5 + g2 

gms 

g,5 g2 + F 

+ gm4g02 
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Appendix E. Common Centroid Pairs 

E.I. Current Matching of Common Centroid Structures 

Many high performance analog integrated circuits require close matching 

between a pair of transistors. For example, the offset analysis of the voltage fol-

lower in Section 3.2.2 showed that the output offset voltage depends in part 

directly on the mismatch between the threshold voltages of the differential pair. It 

is critical that the differential pair be well matched in order to minimize the output 

offset voltage. In applications which require such matching, common centroid lay-

out techniques are commonly used [57]. Thus, it is appropriate to examine quanti-

tatively the effect of common centroid cross coupling on the matching of source 

coupled pairs. 

Consider the differential pair shown in Figure E.l (a). For the sake of con-

venience, assume that the WIL ratios of the devices are equal. These pairs are 

usually laid out side by side in close proximity on the chip. For an n channel 

differential pair, the two transistors will also be fabricated in the same well so as to 

minimise the effect of the well on matching. If a process tolerance variation 

occurs such that the threshold voltage of ml is given by VT and that of m2 by 

(,VT, then the currents through the two devices will be given by equations (E.1) 

and (E.2). 

Ii = k(WIL)(V05 - VT)2 (E.1) 



223 

'2 = k (WIL )(VGs - (E.2) 

The ratio of the two currents is the current matching factor, given by equation 

(E.3). 

1 Ii 1 k (W1L )(VGS - VT)2 

'2 jpair = k (W/L)(VGs - alvT)2 
(E.3) 

A common centroid differential pair is shown in Figure E.1 (b). In this 

configuration, the differential pair is realized by two cross coupled pairs, where the 

pair ml-m4 realizes one equivalent transistor, and the pair m2-m3 realizes the 

other equivalent transistor. Again, consider that a process variation introduces a 

threshold voltage shift c in the horizontal direction. Also, since this is a two 

dimensional structure, assume a threshold shift c in the vertical direction. Thus 

the threshold voltages of ml, m2, m3 and m4 are VT, alVT, CL2VT, and claVT, 

respectively. Thus the total currents I and 12 will now be given by equations (E.4) 

and (E.5), and the new current matching factor will be given by equation (E.6). 

= k, (W/L)(VGs - VT)2 + k (W/L)(VGS - cxl(x2VT) 

12 = k (WIL )( cs - ctl VT)2 + k (WIL )(VGS - (X2VT)2 

- kr, (WIL )((VGs - VT)2 + (VGS - (Xl(z2VT)2) 

12 quad - k (W/L)((VGS - ai VT)2 + (VGS - (X2VT)2) 

(E.4) 

(ES) 

(E.6) 

The equations for the two current matching factors, (4.1.3) and (4.1.6) may be 

expanded and simplified to yield the expressions shown in equations (E.7) and 

(E.8). 
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drain 1 drain 2 
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Figure E. 1 (a). Simple Transistor Pair. 

drain 1 drain 2 
0 0 

m2 
 A 

gate 1  

m3 

0 
source 

.1 
V 
m4 

Figure E.1 (b). Cross Coupled Quad. 

gate 2 



where: 

-  x2-2x+1  

12 pair - - 2a1x + a12 

x2 - 2(1 + a1(X2)x + (1 + a12a22) 

quad = x2 - 2(x1 + a2)x + ((X12 + a22) 

GS 

X VT 
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(E.7) 

(E.8) 

These expressions may be reduced using polynomial long division to yield 

equations (E.9) and (E.10). 

12 )pair = i - 1! I (2(1 - a1)) - 

x  I - a1)(3a1 — 1)X 3  X4 

Ii-  -- (2a1)(1 - al)(2a1 - 1)) - -i ](a, 2)(1  - a1)(5a1 —3) 

(E.9) JG - al)(1 (X2)  11 
12 quad 1 j [+ ](a, - 1)2(a2 - 1)2 

+  
[3 I i J(l - a1)(1 - a2) [((X12 + a22) —(1 - a1)(1 - (X2)(a1+ a2)] 

(E.10) 

Equations (E.9) and (E.10) are clearly only valid approximations for the con-

dition .r # 0. This condition will always be satisfied in practice because 

X = VGS/VT, and VGS must always be larger than VT for the FET to conduct. 
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Although a general interpretation of equations (E.9) and (E.lO) is not easily 

made, the superiority of the common centroid structure may be inferred by consid-

ering an approximation of each equation. Since the values of a and a2 will in 

general be close to 1, terms of the form (1—a)2 may be neglected . compared to 

terms involving only (1—a) or a". Examining equations (E.9) and (E.10) with this 

fact in mind reveals that although some reduction in the terms of (E.9) is possible, 

there will in each case be some residual terms for each power of x. However, 

every term in the common centroid expression contains a multiplier of the form 

(1—a)2. Thus the expression for the common centroid matching will be much 

nearer to 1 than the expression for the standard matching. 

The common centroid quad reduced the effective mismatch between a pair of 

transistors by cross coupling four transistors and creating two effective transistors 

each comprised of two individual transistors. This concept may be extended to the 

case of an array of 16 transistors, shown in Figure E.2. In this configuration, the 

transistors are connected so that any four immediately proximate transistors are 

cross coupled in a quad configuration. This leads to a "checkerboard" distribution 

of the devices for each effective transistor. Thus, one effective transistor is created 

from the parallel combination of ml, m3, m6, m8, m9, mu, m14 and m16, and 

the other is created from the parallel combination of m2, m4, m5, m7, mlO, m12, 

m13 and m15. 

The actual matching accuracy of the simple pair, quad and 16 transistor struc-

tures may be compared by applying a gate source bias to both equivalent 
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transistors and comparing the resulting drain currents. The ratio of these drain 

current values gives the current matching factor. Table E.1 shows the results for 

SPICE simulations of the circuits, using the models for the NTE CMOS lB pro-

cess. For each structure the individual transistors were assigned unique models in 

the simulation. This allowed the process induced threshold shifts to be modeled by 

setting each device's threshold voltage independently. The results indicate the 

superiority of the common centroid technique. An interesting result, however, is 

that the benefit of the 16 device array over the quad is marginal. For all but the 

most critical of applications, the increase in matching accuracy of the 16 device 

array is not warranted in light of the substantially greater area required and the 

vastly increased complexity of interconnection. 

structure 

current matching 

cx1 = 1.0 

a2 =1.0 
(X1 = 0.9 

a2 =1.0 
(X1 = 0.9 

a2 =O.9 

pair. 

quad 

16 

100% 

100% 

100% 

90.7% 

100% 

100% 

90.7% 

99.73% 

99.75% 

Gs = 4V,VDS = 1OV in all cases 

Table E.1. Current matching for transistor pairs, quad and 16. 
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E.2. Equivalent Threshold Voltage of a Common Centroid Pair 

In order to quantitatively assess the difference in matching between the stan-

dard pair and the common centroid quad, the temptation is to derive an expression 

for the "equivalent threshold voltage" of the effective transistors of the quad, and 

compare the matching of these equivalent values with the matching of the threshold 

voltages of the simple pair. However, this analysis is not possible, since an 

expression for an equivalent threshold voltage may not be written for two transis-

tors of unequal VT connected in parallel, as will now be demonstrated. 

Consider a pair of transistors ml and m2 connected in parallel. For simpli-

city, assume that the transistors have identical transconductance parameter and 

width to length channel ratio, but that they have mismatched threshold voltages VTI 

and VT,, respectively. The individual drain currents will be given by equations 

(E.11) and (E.12). 

Ii = kp(W/L)(VGS - VT1)2 

12 = k(WIL)(Vos VT2)2 

(Eli) 

(B. 12) 

The effective drain current of the parallel combination will be the algebraic 

sum of the individual drain currents as shown in equation (B.13). 

= k (W/L)((VGs - V T 'S+ (VGS - VT2)2) (E.13) 

Expanding the squared terms in equation (E.13) yields equation (E.14). 
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ID,,,, = k (WIL )(2Vos2 - 2VGS(VT1 + VTZ) + (VTI2 + VT22)) (E.14) 

Equation (E. 14) is not a perfect square; that is it is not possible to reduce the 

expression to a form of the original drain currents and thereby derive an equivalent 

threshold voltage for the pair of transistors. This leads to an important observa-

tion: when two transistors whose threshold voltages differ are connected in paral-

lel, the resulting total drain current - gate source voltage relationship no longer 

exactly follows the square law dependence of the individual transistors. In other 

words, the resulting structure is no longer an ideal transistor in that it does not fol-

low the relationships outlined in equations (3.2.10) - (3.2.12). However, it will 

now be shown that even though the relationship has been altered from the exact 

square law dependence, the effect on the small signal performance of the follower 

will be minimal. 

In section 3.3.2 a relationship was derived which gave the transfer accuracy of 

the follower circuit as a function of the transconductance of the individual transis-

tors. The definition of transonductance was given in equation (3.3.1). If the 

definition is applied to the parallel structure described by (E. 15), the resulting tran-

sconductance is given by equation (E.15). 

= 2kp(W/L)(2VGs - (VT, + VT,)) (E.15) 

Comparison of equation (E.15) with the standard transconductance expression 

(3.3.3), shows that the functional dependence of transconductance on gate source 

voltage is unaltered. Thus, although the exact value of gm for the common 
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centroid pair may not be equal to that of the single transistor which it is approxi-

mating, the functional dependence remains unchanged. Thus, the expression previ-

ously derived for the small signal transfer accuracy still applies in the case where 

common centroid techniques are used to realize the input differential pair. 
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Appendix F. Matching of Transistors in the NTE CMOS1B process. 

F.I. Layout of the Transistor Arrays. 

In order to quantitatively assess the need for common centroid geometry tech-

niques, arrays of transistors were constructed and the individual characteristics 

measured. Figure F.1 shows a plot of the layout of the n and p channel array struc-

ture. The transistors are arranged in a matrix, with the gates of a row brought out 

together, and the sources and drains of a column brought out together. Some gate 

connection redundancy was included in the form of connections to a gate at both 

ends of the matrix. In this manner, if one transistor shorts a gate to a source or is 

otherwise disrupted, a prober could be used to cut the gate line on either side of 

the faulty transistor and the remaining transistors in the row accessed. 

Since the number of necessary connections is too large to permit every source, 

drain and gate to be accessed externally through an output pad, the source and 

drain points were left as probe pads while the gates were connected to output pads. 

In the laboratory setup used to test the chips, it was important to have access to 

either the source drain connections or the gate connections for the following rea-

son. When one transistor in the matrix is "energised" (i.e. has potentials applied to 

its source, drain and gate), the remaining transistors in the column must be off or 

extraneous current will flow through the source and drain column connections. 

This implies that the remaining gates must be connected to the same potential as 

the sources of the other transistors in the column. If all connections are probe pad 
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types, this would necessitate the use of 7 probers (source, drain, 4 gate and one 

substrate connection), while only 6 were available. 

F.2. Extraction of the Model Parameters 

The model used for the transistor was the simple Weimer model including 

channel shortening. For reference, the equation for the saturation region of opera-

tion is repeated below. 

'DS = k (WIL )(VGS VT)2(1 + 2..VDs) VDS GS - VT (F. 1) 

Determination of  

The first step in determining a method to extract ? from the measured charac-

teristics is to rewrite equation (F.1) as shown in (F.2). 

'DS = [k (WIL )(VGS - VT)2 ] + VDS k (WIL) (VGS - VT)2 ) (F.2) 

Equation (F.2) shows that along a constant VGS line in the saturation region, 'DS is 

a linear function of VDS. Thus, linear regression may be used on the measured 

data in the saturation region, and the slope of the line which minimises the squared 

error between the actual data and the estimated data may be determined. The 

equation of this line is shown in equation (F.3). 

9=m+b (F.3) 
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If the slope (m) and intercept (b) of the estimated line (F.3) are equated with 

the terms in the Weimer expression (F.2), the identities shown in (F.4) may be 

written. 

k (WIL) (VGS - VT)2 , b = k (WIL) ( Gs - VT)2 (F.4) 

Thus, the estimated value of ? may be determined from the measured data as 

shown in equation (F.5). 

(F.5) 

Determination of k, VT 

In order to determine the values of k and VT, equation (F.1) is rewritten as 

shown in (F.6). 

IDS  
1 + A.VDS GS (Ik(W/L) ) - (Jk (WIL) VT) (F.6) 

Equation (F.6) indicates that the relationship between the square root of the 2 

corrected 'DS and VGS in the saturated region will be a straight line. As in the 

case of ?, the slope and intercept of the estimated line may be equated to the 

coefficients shown in equation (F.3) to yield equation (F.7). 

m z 4k(WIL) , b z VT'Jk(WIL) (F.7) 

Thus, the values of the threshold voltage VT and the transconductance param-

eter k may be obtained from the coefficients of the estimated line as shown in 
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equations (F.8) and (F.9) respectively. 

(F.8) 

m2 k(W/L) (F.9) 

F.3. Results 

Figures F.2 and F.3 show the performance of the Weimer model using 

extracted parameters in predicting the measured characteristic (from which the 

parameters were extracted) for an n and p channel device respectively. The predic-

tion is not exact due to effects which were not modeled and also due to the fact 

that the values of the extracted parameters are averaged over the range of measured 

values. 

Tables F.l, F.2 and F.3 show the values of calculated VT, k and ?, respec-

tively, for the n channel arrays. Tables F.4, F.5 and F.6 show the values of calcu-

lâted VT, k and X, respectively, for the p channel arrays. The values calculated 

for the arrays are close to the values provided for SPICE modeling for this process, 

as shown in Table F.7. Differences in the values are due to the fact that the 

SPICE model uses other parameters which were not considered in this analysis. 

The measured parameter tables show that the dominant effect in mismatch of 

the Weimer parameters is not a process gradient, but a stoèhastic variation in the 

parameter values. However, common centroid layout is nevertheless useful for any 

process gradient which may underlie the stochastic variation. 



Figure F.2. Measured vs. Predicted Characteristics of an N Channel Device. 



Figure F.3. Measured vs. Predicted Characteristics of a P Channel Device. L) 
00 
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0;923 0.921 0.919 0.919 0.920 0.922 0.920 

0.923 0.925 0.928 0.926 0.929 0.920 0.925 

0.922 0.908 0.920 0.914 0.921 0.920 0.922 

0.923 0.925 0,918 0.920 0.906 0.916 0.926 

(a). VT map for chip 1. 

0.880 0.880 0.878 0.882 0.883 0.875 0.876 

0.880 0.881 0.879 0.876 0.882 0.883 0.881 

0.883 0.886 0.882 0.879 0.879 0.885 0.885 

0.878 0.881 0.883 0.881 0.878 0.878 0.885 

(b). VT map for chip 2. 

0.792 0.790 0.794 0.794 0.796 0.799 0.805 

0.879 0.886 0.881 0.883 0.886 0.881 0.884 

0.880 0.881 0.884 0.879 0.880 0.885 0.884 

0.879 0.885 0.886 0.885 0.886 0.885 0.888 

(c). VT map for chip 3. 

0.484 0.485 0.488 0.484 0.488 0.498 0.497 

0.895 0.889 0.892 0.898 0.900 0.893 0.896 

0.837 0.840 0.842 0.841 0,842 0.840 0.840 

0.892 0.889 0.896 0.894 0.898 0.895 .0.892 

(d). VT map for chip 4. 

Table F.1. VT maps for n channel arrays. 
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0.9823 0.9878 0.9893 0.9841 0.9944 0.9962 0.9954 

0.9746 0.9763 0.9822 0.9799 0.9879 0.9778 0.9905 

0.9814 0.9253 0.9801 0.9689 0.9843 0.9884 0.9944 

0.9765 0.9591 0.9759 0.9722 0.9485 0.9825 0.9919 

(a). kx105 map for chip 1. 

1.011 1.011 1.016 1.011 1.009 1.004 1.023 

1.008 1.010 1.009 1.013 1.006 1.005 1.016 

1.012 1.009 1.012 1.010 1.013 1.013 1.012 

1.007 1.003 1.001 1.000 0.9974 1.001 1.004 

(b). kx105 map for chip 2. 

0.9900 0.9972 0.9982 0.9981 1.004 1.003 1.006 

1.001 1.007 0.9918 1.007 1.005 1.007 1.012 

0.9993 1.003 1.005 1.005 1.006 1.010 1.013 

0.9972 1.004 1.002 1.002 1.002 1.005 1.008 

(c). k x105 map for chip 3. 

0.9488 0.9494 0.9551 0.9565 0.9602 0.9607 0.9672 

0.9996 0.9953 0.9999 1.002 1.007 1.005 1.010 

0.9949 0.9888 0.9924 0.9930 0.9992 0.9964 0.9988 

0.9953 0.9894 1.002 0.9984 0.9999 1.003 0.9987 

(d). kx105 map for chip 4. 

Table F.2. kx105 maps for n channel arrays. 
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7.02 6.93 7.08 6.94 6.95 7.10 6.89 
6.78 6.98 6.82 6.87 6.81 6.88 7.07 
6.75 6.81 6.83 7.03 6.91 6.86 6.80 
6.75 6.78 6.90 7.02 6.77 6.92 6.93 

(a). ?.xiO3 map for chip 1. 

7.05 7.40 6.91 6.90 7.13 6.85 6.92 
7.10 6.89 7.41 7.04 7.32 7.04 6.93 
7.02 6.73 6.83 7.13 6.95 6.86 6.85 
6.82 6.78 6.63 7.00 7.03 6.82 6.96 

(b). Ax103 map for chip 2. 

6.87 7.02 7.07 7.10 7.05 7.04 7.12 
7.19 7.13 8.29 6.85 7.06 7.07 7.32 
7.17 7.23 7.19 6.96 7.12 7.19 6.96 
7.06 7.16 6.82 6.90 6.67 7.06 7.09 

(c). Xx103 map for chip 3. 

6.83 6.64 6.85 6.95 6.63 6.95 6.53 

7.19 6.87 6.85 7.13 6.69 7.00 7.12 

7.13 6.78 6.74 7.23 6.91 7.18 6.74 
7.22 7.09 6.80 6.78 6.99 6.93 6.75 

(d). 2x103 map for chip 4. 

Table F.3. 2x103 maps for n channel arrays. 
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-0.750 -0.751 -0.758 -0.752 -0.779 -0.750 -0.753 

-0.761 -0.756 -0.760 -0.751 -0.763 -0.749 -0.749 

-1.020 -1.022 -1.023 -1.002 -1.026 -1.014 -1.020 

-0.768 -0.765 -0.766 -0.758 -0.765 -0.755 -0.764 

(a). VT map for chip 1. 

-0.821 -0.817 -0.803 -0.808 -0.826 -0.824 -0.816 

-0.801 -0.804 -0.812 -0.818 -0.822 -0.815 -0.793 

-0.796 -0.818 -0.816 -0.820 -0.804 -0.800 -0.808 

-0.813 -0.820 -0.818 -0.806 -0.795 -0.808 -0.819 

(b). VT map for chip 2. 

-0.795 -0.792 -0.795 -0.796 -0.801 -0.798 -0.792 

-0.801 -0.794 -0.797 -0.794 -0.790 -0.804 -0.807 

-1.446 -1.453 -1.450 -1.462 -1.452 -1.450 -1.453 

-0.799 -0.805 -0.809 -0.815 -0.810 -0.808 -0.809 

(c). VT map for chip 3. 

-1.224 -1.220 -1.225 -1.226 -1.227 -1.219 -1.215 

-0.785 -0.785 -0.790 -0.768 -0.789 -0.789 -0.782 

-1.417 -1.425 -1.415 -1.418 -1.446 -1.439 -1.440 

-0.800 -0.794 -0.781 -0.787 -0.777 -0.790 -0.784 

(d). VT map for chip 4. 

Table F.4. VT maps for p channel arrays. 
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3.746 3.737 3.730 3.707 3.695 3.661 3.660 

3.723 3.720 3.702 3.682 3.675 3.650 3.644 

3.697 3.689 3.676 3.580 3.650 3.585 3.604 

3.729 3.704 3.690 3.665 3.647 3.632 3.642 

(a). kpx106 map for chip 1. 

3.742 3.756 3.734 3.713 3.709 3.666 3.687 

3.751 3.761 3.715 3.717 3.688 3.696 3.685 

3.748 3.748 3.746 3.723 3.722 3.717 3.690 

3.748 3.753 3.739 3.748 3.731 3.696 3.688 

(b). kpxlO6 map for chip 2. 

3.741 3.694 3.686 3.662 3.653 3.622 3.590 

3.711 3.685 3.671 3.618 3.600 3.604 3.594 

1.374 1.364 1.376 1.363 1.351 1.343 1.374 

3.676 3.657 3.636 3.622 3.600 3.585 3.576 

(c). kpx106 map for chip 3. 

3.092 3.074 3.048 3.078 3.033 3.020 3.038 

3.711 3.686 3.674 3.670 3.645 3.630 3.627 

0.6433 0.6345 0.6370 0.6408 0.6347 0.6333 0.6421 

3.704 3.716 3.684 3.676 3.657 3.597 3.622 

(d). kpxlO6 map for chip 4. 

Table F.5. kp x106 maps for p channel arrays. 
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1.58 1,56 1.53 1.53 1.50 1.57 1.55 
1.54 1.55 1.55 1.55 1.55 1.57 1.54 
1.56 1.56 1.57 1.54 1.57 1.60 1.57 
1.53 1.54 1.53 1.51 1.50 1.53 1.53 

(a). A.x102 map for chip 1. 

1.51 1.52 1.58 1.53 1.52 1.53 1.52 

1.53 1.53 1.55 1.51 1.53 1.54 1.54 

1.54 1.50 1.48 1.53 1.54 1.53 1.52 

1.50 1.50 1.53 1.56 1.56 1.52 1.49 

(b). 2.x102 map for chip 2. 

1.50 1.53 1.54 1.52 1.52 1.50 1.50 

1.52 1.50 1.48 1.51 1.49 1.49 1.49 
0.00 0.00 0.00 0.00 0.00 0.00 0.00 

1.48 1.48 1.47 1.49 1.47 1.48 1.48 

(c). Xx102 map for chip 3. 

1.47 1.48 1.49 1.49 1.46 1.53 1.54 

1.49 1.49 1.50 1.53 1.49 1.49 1.50 

0.00 0.00 0.00 0.00 0.00 0.00 0.00 
1.50 1.50 1.50 1.50 1.52 1.50 1.50 

(d). ? x102 map for chip 4. 

Table F.6. A.x102 maps for p channel arrays. 
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Parameter n channel p channel 

VT 0.900 - '0.900 

k 3e-5 9.5e-6 

71 le-2 3e-2 

Table F.7. Values of the FET Paramters in the CMC SPICE Model. 
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Appendix G. Taylor Series Expansion of the MOSFET Drain Current Equation 

In order to determine the linear component of the simplified drain current 

equation shown in (4.1.3), the Taylor series expansion must be used. Since the 

equation contains terms in both V D and Vs a two variable expansion is necessary. 

The two variable Taylor series expansion of a function f(x,y) is given by the 

expression shown in equation (F.1) [70]. 

00 
f(a+h,b+k) = f(a,b) + T, 

-. [ [ii__ + k-- ] f(x,y) lx=a, 1=1 1. X Y y=b 

where 

h = x + a , k=y+b 

(F.1) 

The condition for convergence of the series (F.1) is that the remainder term 

R, given in equation (F.2), be infintesimal as a function of n. 

R = [ [ii._ + k- I f(x,y)ax ay  lx=ay=b (F.2) 

Taking the expansion around the point x = 0 (VD = 0), ' = 0 (V5 = 0), the first 

term in the expansion may be seen immediately to be equal to zero. The first par-

tial derivatives may be written as shown in (F.3) and (F.4). 

h a f(VD,VS) = h [v - VT) + 7 (—VD + B' ) 2 ]VD =O 
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1 1 

h (VC — VT) + 7(VB')2 = D I (VC — VT)+'y(VB') 2 

kfD,Vs)=k L(vc T)?( —VS + VB')2 jvs=o ays 

=k 1—( V C — V T ) VB' ]= [_( VC_vT)_?(vB'+ ](F.4) 

Thus the first term in the summation of equation (P.1) may be written as 

shown in equation (F.5). 

[.1 h + k I f(xy)] = DS [(vC—vT) + B )2 ] (P.5) 
ax ay y=b 

The remaining terms in the series. may be generated in a similar fashion, to 

yield the full series expansion expression shown in equation (P.6). 

IDS = k {(Vc - VT)VDS 

1 

+ VDS I VC - T) + 

IVD2 - Vs2J [+ ]vBF+ 

+ [-- ] [VD — Vs] [+ I 3 (VB ) 2 

+ [.. ] (VD4 - ) [8y ] (VI3. 

(P.6) 
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Since the expansion is around the point VD = o, vs = 0, the terms VD' and 

V5' will decrease as i increases, as will the term VB 1'2 '. Thus the only term 

which will be increasing is the mutiplier formed by the product of the powers of 

B and the factorial of the order of the derivative as shown in equation (P.7), 

which is valid for i> 4. 

R  1 

IvDi—VSi I  

where: 

odd(n)=n nodd 

=1 neven 

1 n = 3 + 2 ( i — 4) 

I H odd( n kF.7) 
n=1 

Since the product term on the right hand side of (P.7) is obviously less than 

the factorial, the term comprised of the factorial and product of the VB' powers 

also decreases to zero as i - 00 thus the remainder term is infinitesimal, and the 

series converges. 

Examining the series (P.6), it is clear that, for small y, the linear term in VDS 

is given by equation (F.8). 

IDS = 2k (WIL) (Vc - vT) VDS (F.8) 

Thus the expression for the approximate small signal conductance of the resis-

tor circuit may be obtained by differentiating both sides of (P.8) with respect to 

VDS to obtain the result described in Chapter 4. 


